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The Design and Analysis of CMOS K-Band
Transceiver Front-End Circuits

Student : Wen-Chieh Wang Advisor : Chung-Yu Wu

Department of Electronics Engineering
Institute of Electronics

National Chiao-Tung University

Abstract

In this dissertation, two radio-frequency (RF) front-end circuits using current-mode
design methdologies have been proposed and implemented. Moreover, two low-noise am-
plifier (LNA) using 45-nm planar bulk-CMOS technology have also been implemented.
The operation frequency of the two current-mode RF front-end circuits and the two 45-nm
LNAs are within the frequency of K-Band. This dissertation can be mainly divided into
three parts, including (1) design and analysis of the K-Band current-mode CMOS receiver
front-end circuits, (2) design and analysis of the K-Band current-mode CMOS transmitter
front-end circuits, and (3) The K-Band LNAs using 45-nm planar bulk-CMOS technol-
ogy with high-Q above-IC inductors implemented through wafer-level package (WLP)
technology.

A CMOS current-mode receiver front-end integrated circuit has been proposed. The
proposed current-mode receiver front-end is composed of a current-mode LNA and a
current-mode down-conversion mixer. This receiver front-end is fabricated in 0.13-ym

1P8M CMOS technology and is operated in the frequency band of 24 GHz. From the



measurement results, the proposed integrated current-mode receiver front-end has the
conversion gain of 11.3 dB, the input-referred 1-dB compression point (I P_,p) of —13.5
dBm, and the input-referred third-order intercept point (P;;p3) of —1 dBm. The measured
noise figure (N F) is 14.2 dB at the RF frequency of 24 GHz and LO frequency of 19
GHz. The total power dissipation of this current-mode receiver front-end dissipates 27.8
mW under the condition that the supply voltage of LNA is 0.8 V and the supply voltage
of mixer is 1.2 V. The proposed current-mode receiver front-end occupies the active area
of 1.45 x 0.72 mm? where testing pads are included. From the experimental results, the
proposed CMOS current-mode down-conversion mixer can operate well in the K-band,
and achieves low-power consumption under low power supply voltage. It can also be
shown that the proposed receiver front-end circuit that is integrated with a current-mode
down-conversion and LNA has the advantage of low-voltage operation and low-power

consumption.

A CMOS current-mode transmitter front-end integrated circuit has been proposed.
The proposed current-mode transmitter front-end is composed of a current-mode up-
conversion mixer, a current-mode baseband amplifier/repeater, a VCO and a transformer-
based VCO buffer/repeater. This transmitter front-end is fabricated in 0.13-ym 1P8M
CMOS technology and is operated in the frequency band of 24 GHz. The measured re-
sults have shown that the proposed integrated current-mode transmitter front-end exhibits
a measured conversion power gain of -5 dB, an I P_;,;5 of =22 dBm, an output-referred
1-dB compression point (O P-45) of =28 dBm, P;;p; of 9.6 dBm, and an output-referred
third-order intercept point (Py;p3) of —14.6 dBm. The single-sideband (SSB) noise figure
(N F) is about 12.7 dB. The on-chip VCO provides the LO frequency from 20.8 GHz to
22.7 GHz with the control voltage varied from 0 V to 2 V. The phase-noise of the VCO
is -108 dBc/Hz at 10-MHz offset from 22.7 GHz. Under the 1-V supply voltage, the fab-
ricated current-mode double-balanced up-conversion mixer, VCO, VCO bufter/repeater
and baseband current buffer/repeater circuits dissipate 3.1 mW, 2.2 mW, 3.3 mW, and 3.1
mW, respectively. The proposed transmitter front-end occupies the active areaof 1.5 x 1.1
mm? where testing pads are included. From the experimental results, the proposed CMOS
current-mode up-conversion mixer can operate well in the K-band, and has a very small

power consumption. Moreover, it can also be sown that the proposed transmitter front-
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end circuit that is integrated with a current-mode up-conversion mixer, a baseband current
buffer/repeater, a VCO, and a transformer-based VCO buffer/repeater has the advantage
of low-voltage operation and low-power consumption.

From the experimental results of the proposed receiver front-end and transmitter front-
end circuits, it can be shown that the current-mode design approach is suitable for design-
ing RF integrated circuits and has the advantage of low-power consumption. Moreover,
the current-mode approach also has the advantage of low-voltage operation and has great
potential for designing RF integrated circuits in advanced nanometer CMOS technologies.

In addition to investigating current-mode approach to the RF integrated circuits, two
K-band high performance LNAs have been successfully realized by using the 45-nm pla-
nar bulk-CMOS technology and high-Q above-IC inductors in WLP technology. The first
LNA is made up of a single-ended one-stage cascode amplifier. The measurement results
of the implemented one-stage cascode LNA show that the one-stage LNA has a N F of
4 dB, a gain of 7.1 dB, an I P_jzg of =9.5 dBm, and a P;;p; of +2.25 dBm. The center
frequency of this LNA 1is about 23 GHz. The LNA consumes 3.6 mW from 1-V power
supply voltage. The one-stage'cascode LNA occupies the active area of 0.72 x 1.12 mm?.
Moreover, the measurement results of the implemented two-stage cascaded cascode LNA
show that the two-stage LNA has'a N.F of 4.4 dB; a gain of 11.6 dB, an I P_,,p of —16
dBm, and a P;;p3 of 4.2 dBm. The center frequency of the two-stage LNA is about
23.4 GHz. The LNA dissipates 9.3 mW from 1-V power supply voltage. The two-stage
cascaded cascode LNA occupies the active area of 1.28 x 1.12 mm?.

It is at present the first two successfully verified 45-nm planar bulk-CMOS LNAs
operated above 10 GHz. Moreover, as compared to prior works which are operated at the
frequency around K-band, it has been shown that the proposed one-stage cascode LNA
has the best performance in terms of figure-of-merit (FOM). The FOM of the proposed
one-stage cascode LNA is 15.2 GHz.
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Chapter 1

Introduction

1.1 Background

Over the last two decades, the frequency spectra within 1 GHz to 10 GHz have
gradually become crowded because the massive requirements of data transmission from
the modern wireless applications have'intensively sprung up. These popular wireless
standards and their application-are shown in Fig. [[.1] [I]]. Fig. [1.2] depicts the differ-
ent application coverage of personal-area network (PAN), local-area network (LAN),
metropolitan-area (metro) network (MAN) and wide-area network (WAN). These mod-
ern wireless communication systems, such as global system for mobile (GSM), general
packet radio service (GPRS), enhanced data GSM environment (EDGE), wideband code
division multiple access (W-CDMA), personal handy-phone system (PHS), digital video
broadcasting—handheld (DVB-H), radio-frequency identification (RFID), ZigBee, Blue-
tooth, wireless local area network (WLAN), high performance radio LAN (HiperLAN)
type-I and type-II, ultra-wideband (UWB), etc., have induced a great deal of interferences
which will influence the quality of data transmission [2]—[49]. Due to overcrowding and
interferences at low frequency spectra, the operating frequencies of these applications
have been pushed toward the higher frequency bands. Sufficient free spectra for future
wireless networks or wireless services are allocated at industrial-science-medical (ISM)
radio bands around 17 GHz, 24 GHz, and 60 GHz [50]. Consequently, many researchers

start to investigate millimeter-wave transceiver front-end circuits at the higher frequency
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Figure 1.1 The popular wireless standards and applications today [1].

bands, 24 GHz (K-Band) [51]-[67] and 60 GHz (V' -Band) [68]-[72] for example, where
the spectra are much cleaner and can provide higher bandwidth. As shown in Fig.[1.3] the
higher bandwidth of these radio bands enables significantly the higher data rata applica-
tions. Moreover, the relationship between transmission bit-rate and coverage is shown in
Fig.[1.4] As shown in Fig.[I.5][73]], the required data rates of the consumer electronics has
been increased from 20 Mbps to 10 Gbps. To make these consumer electronics wireless,
it demands very high data bandwidth and, therefore, higher operating frequency such as
24 GHz and 60 GHz. In the recent years, several standards have been set for the wireless
consumer electronics with very high data rates in the frequency bands of 24 GHz and 60

GHz.

In the globally available 60-GHz frequency band, a large amount of spectrum is avail-
able on an unlicensed basis in many regulatory domains. The band 57-64 GHz is al-
located in North America [74], [[75] and South Korea, while 59-66 GHz is allocated in

Japan [[76]]. Besides, European Union (EU) is in the process of creating similar alloca-
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tions [77]. A total of 7 GHz is allocated for use, 5 GHz of which is overlapping. With
7 GHz of bandwidth, there are many high data rate applications that one can envision.
The 60-GHz radio can be useful in the design of high-speed (up to several Gbps) wireless
links. Recent development in 60-GHz radio technologies are for two main applications:
a) fixed wireless, and b) wireless personal area network (WPAN). In fixed wireless appli-
cation, it has been used in point-to-point high speed links for telecommunications back-
hauls. In WPAN applications, particularly with increased use of high-definition television
(HDTYV), the standard organizations, such as Institute of Electrical and Electronics En-
gineering (IEEE), WirelessHD Alliance, European Computer Manufacturers Association
(ECMA), and European Telecommunications Standard Institute (ETSI), as well as several
industrial companies are working for the standardization of the 60-GHz radio [78]—[84]].
In addition to the IEEE 802.16 standard for wireless metropolitan area network (WMAN)
which covers 10 to 66 GHz [79]], the IEEE 1s already home to a standard initiative for
60-GHz WPAN:Ss, called IEEE 802.15:3¢c[80]. Besides, the WLAN portion of the IEEE,
802.11, which sets the base standards for Wi-Fi;is considered to create a standard for 60
GHz. The IEEE 802.15.3c group is firmly focused on distribution of high-definition video
and other content, and on high speed synchronization of devices, which does not seem to
leave much space for 60-GHz Wi-Fi where the study group IEEE 802.11 is focusing on
very high throughput (VHT) Wi-Fi but under 1EEE rules [81]].

The WirelessHD Alliance has completed the WirelessHD (WiHD) Version 1.0 high-
speed radio communication standard for data rates of up to 4 Gbps via the globally un-
licensed 60-GHz band of the spectrum [82]]. The wide bandwidth makes it possible to
attain a high data transfer rate. It was developed to provide a way of connecting high-
definition content sources and screens cordlessly. Note that the core technology of WiHD
promotes theoretical data rates as high as 25 Gbps. The WiHD replaces the wires in the
high definition multimedia interface (HDMI) with radio links, and is designed to handle
HDTYV video streams between audio/video (AV) equipments. The target is defined as
handling full HD video without high-efficiency coding. The ECMA TC-48 is developing
a standard for short-range communications in the unlicensed 60-GHz band of the spec-
trum [83]], [84]. The standard will provide high-rate WPAN (including point-to-point)

transport for both data transfer and multimedia streaming. The key applications are HD
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AV streaming, wireless docking station, and short-range Sync&Go.

The bands at higher frequency are attractive to RF designers despite their associated
high dispersion losses. So far, numerous work have been targeted at the free spectrum of
60 GHz. However, most of the standards for 24-GHz and 60-GHz applications are still
under development. In the near future, the commercial applications may prefer the fre-
quency spectra at 24-GHz frequency band, because several standards have been developed
for this frequency band and the CMOS technology is gradually matured for the wireless
applications in the 24-GHz frequency band. In addition to the ISM band within 24-24.25
GHz [50], [85], the Federal Communications Commission (FCC) has also opened the
spectrum from 22 GHz to 29 GHz in 2002. The 7-GHz spectra have been allocated for
ultra-wideband vehicular radar applications, short-range automotive radar systems, and
autonomous cruise control (ACC) applications. [86[]-[88], making the 24-GHz band ap-
pealing from both wireless communication and car radar perspectives, which are shown in
Fig. [89]. Some applications such as WL ANs, local multi-point distribution services
(LMDS) [85]], point-to-point wireless communications [90], and other ISM applications
have been also proposed in the frequency band of 24 GHz. Furthermore in Europe, the
ETSI has specified that the HiperLink standard will be allocated in the 17-GHz ISM band
to provide point-to-point short-range connections, and the HiperAccess will adopt fre-
quencies higher than 20 GHz to cover long-range distances [91]]. Of particular interest for
the next WLAN generation is the 17 GHz band in the frequency range from 17.1 GHz to
17.3 GHz [66], [[67]]. Several promising studies have been published about indoor propa-
gation conditions and its potential for future wireless network systems. It is intended to
use 17 GHz band for a parallel network to the existing WLANs with data rates up to 54
Mb/s (HiperLAN) and for short range links with data rates up to 155 Mb/s (HiperLink).
Such short range high data rate connections are ideally suited to link modern multimedia
devices within the office or home. The ETSI has also specified the automotive collision
warning short-range radars will be allocated in 24 GHz band which is from 24.05 GHz to
24.25 GHz [92]-[93].

According to the above-mentioned situations, Fig. [1.7(a)| [89] and Fig. 1.7(b)| [96]]

show such scenarios with clusters for short-range and long-range backbone wireless com-

munication networks for home-RF applications at 17 GHz, 24 GHz, and 60 GHz in the
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Figure 1.6 The illustration of vehicular radar applications [89].
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near future. Although the standardizations of both applications have not been accom-
plished, the possibilities of new huge wireless market lead to the interest of the commu-

nication industries.

To implement new hardware for wireless communication systems, low manufacturing
costs are of paramount importance to be competitive in the stringent wireless markets.
This argument drives the research on highly integrated semiconductor chips, and the ulti-
mate goal is a low cost solution of a wireless transceiver combined both analog RF front-
end and digital baseband signal processing on the same die without any external compo-
nents. Nevertheless, in the past, the millimeter-wave circuits that operated in 24-GHz,
60-GHz, or even higher frequency bands were usually realized by the SiGe(C), BICMOS,
or III-V devices because of their high unity gain frequency f7 and maximum operating
(or oscillation) frequency farax [[19], [20], [97]-[104]]. Although SiGe(C), BiCMOS, and
III-V devices exhibit good performance in high-frequency circuits, these technologies suf-
fer from high cost and great difficulties to integrate with-complex digital systems which
are usually realized by CMOS:technologies. In the past, CMOS technologies are not well
suited for high frequency analog and RF circuits. The CMOS transistors have poor char-
acteristics in terms of gain, noise, and high frequency behavior in comparison to bipolar
transistors. Furthermore, high substrate conductivity of silicon-based processes intro-
duces additional inductive and capacitive energy loss mechanisms in passive components,
such as inductors, capacitors, and transmission lines, which are intensively used in high-
speed, RF, and microwave ICs. These effects together with relatively thin metallization

layers degrade the quality factor of the on-chip passive devices [[105]-[[109].

In recent years, significant performance improvement of CMOS digital applications
comes from continuous scaling of CMOS channel length. In MOSFETSs, smaller di-
mensions result in shorter transient times and lower parasitic capacitances. Even in a
velocity-saturated MOSFET, the reduction in the channel length improves the f7 by low-
ering the gate-to-source capacitance. From ITRS prediction, the advancement of the
CMOS transistors in accordance with the reduction in the gate length has been shown
in Fig. [89]. As shown in Fig. the fr of CMOS devices have been beyond sev-
eral tens GHz with the fast advancement of CMOS technologies into nanometer or deca-

nanometer nodes and comparable to those of SiGe(C) bipolar and BiCMOS and II-V
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Table 1.1
PROS AND CONS OF DIFFERENT TECHNOLOGIES
Technology GaAs, HEMT | SiGe/BiCMOS | CMOS
8m High Moderate Low
fr High Moderate Low
RF performance High Moderate Low
Yield Low Moderate High
Integration capability Low Moderate High
Cost High Moderate Low
Technology improvement Slow Moderate Fast

technologies [19], [20], [110], [111]. Hence, nanometer CMOS technologies have already
become attractive solutions for wireless communication system in 24-GHz, 60-GHz, or
even higher frequency. Together with the capability of high-level integration, nanometer
CMOS are good candidates to.realize high-frequency wireless systems. It has been also
demonstrated that CMOS offers great potential to achieve high performance, small chip
area, low cost, low power dissipation, and long battery life-time for implementing potable
devices. Table 1.1 shows the pros and cons of different technologies which are used for

the implementation of wireless systems.

Furthermore, higher quality factor of passive components, like transmission lines and
inductors, have been achieved by the thicker metal in the highest metallization layers in the
modern RF-CMOS processes, by the micro-electro-mechanical system (MEMS) technol-
ogy [112[]-[115]], or even by the gradually developed and matured wafer-level packaging
(WLP) technologies [116]-[119].

The development of modern integration technologies is normally driven by the needs
of digital CMOS circuit design. The reduction in physical dimensions of the transistors
must be accompanied by a proportional reduction in the width of the depletion regions
inside the transistor to maintain its basic operation. This can be achieved by an overall
increase in the doping concentration of the transistors. However, the higher doping levels
increase the electric field inside the transistors and reduce the breakdown voltage of the

transistors. Thereby, lower voltage swings and supply voltages are necessary [[120]. As
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shown in Fig. [[.9] the supply voltage of CMOS decreases rapidly as the sizes of devices
shrinks [111]. The supply voltage is 1.8 V for 0.18-um CMOS. It becomes 1.2 V for
0.13-um and 90-nm CMOS. In the 65nm/45nm CMOS, the supply voltage becomes 1
V approximately. Although decreased supply voltages do not restrict the design of dig-
ital circuits, this brings the difficulties for designing analog and RF circuits in modern
sub-micron CMOS process with low supply voltage. This situation would become worse
and worse as CMOS technologies continue to scale down [[121]]. These issues impose
significant challenge in terms of circuit design for analog and RF front-ends. Conse-
quently, there is a growing need to explore new low-voltage analog and RF circuit design
techniques to overcome afore-mentioned limitations. The current-mode circuit design

technique is proposed as one of the promising techniques [[121]]-[|125].

1.2 Review on RF Transceiver Architectures

1.2.1 Receiver Architectures
1) Heterodyne or IF Receivers

The most straightforward receiver architecture for implementing a cellular receiver
front-end is evidently the heterodyne receiver [2]-[4], [24], [25], [31], [34]], [37], [41]-[43],
(511, [57], [65], [69], [70], [72]. The system block diagram is illustrated in Fig. The
main feature is the use of an intermediate frequency (IF). For this reason, the heterodyne
is often also called the IF receiver.

The received RF signals from the antenna are firstly filtered by a band select filter,
BPFrpry, which suppresses interferences residing outside of the application band. By
removing these out-of-band blocking signals which could saturate the following stages,
the required dynamic range of the receiver can be relaxed considerably. A LNA ampli-
fies the received RF signals which are then filtered by an image-reject filter, BP Fgp», to
remove the image. The image has an offset of twice the intermediate frequency by the
mixer. The received RF signals after BP Fgp, are down-converted to IF by the down-
conversion mixer, and then passed through the channel-select filter BP F;r to remove the

interferences at the adjacent channels. Finally, the channel-selected signal is demodulated
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Figure 1.10 Block diagram of the heterodyne or IF receiver.
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into baseband I/Q signals to retrieve the desired signal information. The high-frequency
noise and distortion from intermodulation and high-order harmonics are removed by the

baseband low-pass filter L P Fgp.

In the frequency translation, both the desired signal and image signal are mapped to the
IF frequency after mixing. Although the image-reject filter BP Frp; is used to attenuate
the image signal, suitable attenuation of the image may not be practical unless the IF
frequency is selected relatively high. The trade-off is that filtering at a high IF requires
more complicated filters in order to maintain selectivity. It is difficult to realize an on-chip
high-Q filter at the RF frequency. The required high-Q high frequency image-reject filter
is therefore placed off-chip. Consequently, the integration ability of the heterodyne or IF
receiver is limited, and the cost is increased because of several off-chip filters are needed.
Additional buffers to drive off-chip filters also require high power and reduce the gain of

this kind of receivers.

The path mismatch is not a big issue because the image rejection does not rely on any
matching between two signal paths, but is mainly achieved by the image-reject filter. Also
LO feed-through and DC offset do not affect the signal quality since the desired signal

frequency is never close to these frequencies. The same applies to the self-mixing of either



14 CHAPTER 1. INTRODUCTION

RF or LO signal. Another important property is that the channel selection occurs before
the ADC. Hence, the ADC only requires to handle minimum dynamic range. Due to the
bandpass nature of the channel, even the sub-sampling ADC can be used. Additionally,
the number of bits can be kept low since both the out-of-band and in-band blocking signals
have already been removed.

Regarding the integration capability, it is clear that the heterodyne or IF receiver is
not a good solution because this topology probably never get rid of the external high-Q
filters. Hence, a sense of realizing a full CMOS implementation to achieve low cost is
raised. Furthermore, such kinds of receiver do not effectively exploit the power of digital

signal processing which is the core competence of CMOS.

2) Direct-Conversion (Homodyne, Zero-IF) Receiver

The direct-conversion (homodyne, zero-IF) receiver (DCR) has the advantage of high
integration capability [7], [10]=[13], [15], [16], [21]-[23], [26], [32], [33], [35], [39], (401,
[44]—[49], [52]-[56], [[68]], [71]." As shown in Fig. El_l both BP Fgr; and IF components
are not required in the DCR, and this helps for the integration. The desired RF signal is
directly down-converted to zero-IF in one-step frequency mixing with single LO signal.
Therefore, in this type of the receiver, the LO frequency is nearly equal to the RF fre-
quency. The baseband signal is then filtered with a low-pass filter to select the desired
channel.

For frequency- and phase-modulated signals, the down-conversion must provide quadra-
ture outputs to avoid the loss of signal information. The main advantage of DCR is that
it does not possess the image problem when the incoming RF signal is directly down-
converted to baseband without any IF stage. Another advantage is its simple architecture.
However, the major disadvantage is DC offsets. As shown in Fig. the severe DC
offsets can be generated at the output of the mixer when the leakage from the local os-
cillator VCOgp is self-mixed with LO signal. The second source of DC offsets is the
large nearby interferers leaking to the V' COgp and then self-mixing. The generated DC
offsets could saturate the following stage. The DC offsets can be removed by capacitive
coupling. However, the signal power near DC could be lost. Hence, the size of capacitors

should be chosen quite large. Feedback loops from the baseband or the digital part are
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Figure 1.11 Block diagram of the homoedyne, direct-conversion, or zero-IF receiver.

BB

also proposed to reduce the DC offsets. But these methods increase the complexity of the
DCR.

Equally critical is the flicker noise of the mixer since the mixer output is the baseband
signal and can be easily corrupted by large noise. It is because that the flicker noise of
active devices becomes the dominant noise source as the frequency below 1 MHz. The
flicker noise should be considered in designing DCR. Active devices with large dimension
can be chosen to reduce flicker noise. In addition, PMOS contributes less flicker noise

than NMOS.

So far, some 24-GHz CMOS receiver front-ends have been proposed in [S1]-[57],[635].
Among them, [51]], [57], [65] adopts the heterodyne receiver architectures. The RF sig-
nal at 24 GHz is down-converted to the IF frequency of around 5 GHz in [51], [S7].
In [52]-[56]], the direct-conversion receiver architecture has been adopted. In [52], [53],
sub-harmonic mixers are adopted to overcome the design issues of dc offsets from self-
mixing in the conventional direct-conversion receiver. Moreover, this mixer topology
does not consume any dc power and, hence, is ideally avoid of 1/ f noise. In addition, it
does not have any dc offset under ideal conditions owing to its subharmonic mixing func-

tion. In [55]], the direct-conversion receiver adopts the phased-array receiver architecture
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Figure 1.12  Two sources of DC offsets in the direct-conversion receiver.

in its RF domain. After the 4 'channels are combined, the RF signal is directly down-
converted to the baseband. The phased-array systems have the advantage of improved
spatial selectivity and spectral efficiency. These systems are good solution for broadband

communications.

1.2.2 Transmitter Architectures
1) Direct-Conversion Transmitter

The direct-conversion transmitter, shown in Fig. is attractive because of its sim-
plicity of the signal path [2[], [4], [13[l, [16], [17], [21], [22]], [28], [29], [32], [33l, [35], [37],
(391, [41], [44]-[46], [48], [49], [62]. The IF signals are modulated and up-converted to
RF in a single step by the quadrature modulator. The RF signal then amplified by the
following PA. After the PA, the bandpass filter BP Fgpr is typically needed to meet the
spectral mask requirements. A single RF frequency synthesizer provides the LO signal

and performs channel selection.
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freq

The performance of a direct-conversion transmitter is typically limited by two factors.
Firstly, this architecture requires quadrature LO signals like all quadrature modulators.
Quadrature generator at RF frequency is less accurate than at lower frequency. Hence, the
modulation accuracy of the direct-conversion transmitter is reduced by this effect. The
other limitation to the performance of direct-conversion transmitter involves the inter-
modulation in the PA. When the baseband signals mixed with the LO signals, harmonics
of the LO are generated. These harmonics are inherent to switching mixers. The har-
monics generate copies of the baseband signals which intermodulate in the PA and reduce
the modulation accuracy. The phenomenon is shown in Fig. The spectrum before
the non-linear PA includes the desired signal located at the sum of the LO and baseband
frequencies, and an undesired signal located at one baseband frequency below the third
harmonic of the LO frequency. The third-order intermodulation of two tones f; and f5
results in new tones located at (2f, — f;) and (2f; — f>). In this case, the distortion

component closed to the RF output is given by

(3fro— feB) —2(fro+ feB) = (fro —3/f5B) (1.1)

where f ¢ is the frequency of LO signal and fzp is the frequency of baseband signal. This

distortion component, located three baseband frequency below the LO frequency, could
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Figure 1.14 Third-order intermodulation by a non-linear PA in a direct-conversion trans-
mitter.

lead to modulation error and spectra mask violations. As‘a result, the filter before the PA
is often needed to attenuate the signals before intermodulation occurs in the PA. However,
the need for this filter often requires a discrete component and is thus not amenable to a

single chip integration solution.

Because the RF frequency is the same as LO frequency in direct-conversion transmit-
ter, another potential problem for this architectures is the LO Pulling which is illustrated
in Fig.[I.T5] Although the simplicity of direct-conversion transmitter is attractive for inte-
gration, all circuit blocks are located on the same substrate and it is a very challenge task
to achieve sufficiently high isolation, especially for the on-chip PA. The large modulated
signals after the output of PA could interfere with other sensitive analog circuits by cou-
pling through the silicon substrate. A particular problem occurs when the PA as well as

VCO runs at a frequency close to each other.

One method to reduce LO Pulling involves using two oscillators and mixing them to
create the LO signal. In doing so, the frequency of the LO is moved away from the fre-

quency of the PA output and thus reduce the LO Pulling. However, additional harmonics
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are generated with this technique that either needs to be filtered or the performance may
suffer. The second technique is used in which the output of the VCO is divided and then
mixed to create the LO signal. "Again, the frequency of LO is changed to reduce the LO
Pulling. Yet another method employs multiple phases of LO at lower frequency to perform
up-conversion. This method can avoid the LO frequency near the transmitted frequency.
Although all of the above mentioned solutions decrease the impact of LO Pulling, they
increase the complexity of the transmitter, and thus may diminish the attractive structure

simplicity of the direct-conversion transmitter.

In addition to the afore-mentioned issues, other potential issues include the difficulty
of power control and the LO feed-through. Because there is no IF stage, all the power
control should be performed at baseband or RF. Baseband power control could suffer
from very strict linearity requirements on the baseband circuits. Coupling between the LO
signal to the RF output is another potential problem due to the high frequency LO used
in the quadrature modulator. Although the direct-conversion transmitter has a vey simple
circuit and potentially offers for the multi-standard operation, a number of limitations
exist. Some of these problems can be alleviated by using heterodyne transmitter with

two-step frequency conversion which will be reviewed in the next section.
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II. Heterodyne Transmitter

The heterodyne transmitter -which performs two-step up-conversion is widely used
topology [24], [25], [31], [34], [371], [42], [43], [58]-[61], [66]], [67], [69]. The heterodyne
architecture, depicted in Fig. uses a quadrature modulator to frequency translate the
baseband signal to IF. At this point, an IF bandpass filter BP F;r is needed to suppress
the harmonics created by M I X ER;p. IF signal is then up-converted to RF where the
RF bandpass filter BP Fgp; is needed to remove the image created by the M I X E Rgp.
Finally, the RF signal is applied to the PA and is typically filtered again by BP Fgp; to
meet the spectral mask requirements. These filters, BPF;r, BP Fgry, and BP Fgp;, are
typically discrete components that are not amenable to integration on a single CMOS
substrate.

The heterodyne transmitter has a number of performance advantages over direct-
conversion approach. It avoids the LO Pulling problem since the up-conversion is per-
formed in two steps, and therefore neither LO is operating at the transmitted frequency.
The modulation accuracy in the quadrature modulator is improved since low-frequency

quadrature VCO allows for more accurate quadrature generation. In addition, lower fre-
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quency of the LO leads to less LO feed-through at the RF output. The issue of third-
order intermodulation is also alleviated because the undesired distortion component near
3(fLo1 + frLo2) is attenuated by the bandpass RF filter BP Frp;. The filter requirements
can be relaxed by an optimizing frequency mapping. The demands of BP F;r can be re-
laxed if the IF is chosen in a way that none of the harmonics fall directly in the transmit
band. Further, a higher IF will push the image sideband far away from the RF which

results in a better image rejection by BP Fgpy.

Although the heterodyne transmitter shows promise for higher performance, this struc-
ture does have some drawbacks with respect to single-chip integration which may be
the advantage of direct-conversion transmitter. This architecture is well suited for multi-
standard operation, since heterodyne transmitters are capable of both constant envelop
and non-constant envelop modulation schemes. Meanwhile, the heterodyne transmitter is
a versatile architecture that allows a large gain controlrange because the amplification can
be distributed to several stages..Hence, if the limitations to integration can be overcome,
heterodyne transmitter is a good choice when the target is multi-standard operation on a

single CMOS substrate.

Although the direct-conversion transmitter suffers from LO Pulling, LO feed-through,
and lower accurate quadrature LO signals, direct-conversion architecture still exhibits sev-
eral advantages of low power consumption, high integration ability, and low cost. Re-
cently, there has been increasing research interests and efforts on the design of CMOS

direct-conversion transmitter.

So far, some CMOS transmitter front-ends operated around 20 GHz have been pro-
posed [S8[]-[64], [[66], [67]. Among them, the direct-conversion configuration has been
adopted in [62] for the consideration of low-power consumption. The dual-conversion
transmitter is the most popular configuration and has been adopted in [S8]-[61]], [66], [67]].
For the application of general purpose, [58]—[62]], [67] have proposed CMOS transmit-
ters in 24-GHz ISM band, where on-chip dipole antenna has been integrated in [61]] to
avoids high frequency wired /O, thus eliminating the losses associated with RF chip-to-
PC-board and transmission line connections. [60] has proposed a CMOS transmitter in
17-GHz ISM band. In [63], [64], the 24-GHz CMOS transmitter has been designed for

automotive short-range radar (SRR) applications.
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1.3 Review on CMOS RF Building Blocks

1.3.1 Voltage-Mode Down-Conversion Mixer

Down-conversion mixers are required for the frequency conversion in wireless com-
munication systems, especially in the receiver front-ends [126]. In the past, due to the
limited speed of MOSFETs and the low quality factor of the passive devices, the use
of CMOS technology is restricted to relatively low operation frequencies. The down-
conversion mixers operated above 20 GHz have been mostly implemented by GsAs-based
HEMT, HBT, and SiGe/BiCMOS processes. Nevertheless, over the last years, the speed
gap of CMOS devices to III/V and SiGe technologies has been significantly decreased
by aggressive scaling of the transistors [111]. This has made it possible to design the
down-conversion mixers operated above: 20 GHz with the advanced nanometer CMOS
devices.

So far, some down-conversion mixers have been proposed to investigate the operation
feasibility at around 20 GHz [51]-[541],[561,[571,[65],[68],{701,[71],[[127]-[132]. Among
them, the Gilbert mixer has been adopted in [S1],[54],[56],[57]],[65],[68],[ 700, [7 1], [127]].
The current-bleeding technique has been applied to the Gilbert mixers to achieve higher
conversion gain [S6[], [71]. With current-bleeding method, the switching transistors can
be operated at lower gate-to-source voltage with smaller size.

In addition to the Gilbert mixers, sub-harmonic mixers (SHMs) have also been in-
vestigated in the operating frequency around 20 GHz [52], [53]], [128]]-[132]. The burden
of designing a LO at high frequencies can be alleviated by the SHM topology. Because
the LO frequency is a sub-harmonic of the RF frequency, this alleviates the DC-offset
due to the LO-RF feedthrough. Furthermore, the Gilbert mixer requires high dc power
consumption for the specific conversion gain and speed. Therefore, the passive SHM
without dc power consumption becomes an attractive candidate for high frequency appli-
cations. There are mainly two different techniques which are known for sub-harmonic
down-conversion mixers: 1) exploiting the non-linear behavior of active devices to pro-
duce higher harmonics of the LO waveform [131], [132] and 2) multiplying the received
signal with a number of uniformly spaced LO phase [52], [S3]], [128[]-[130]. While the

type 1) mixers have a penalty in conversion gain and noise, the type 2) mixers have per-
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formance similar to the Gilbert mixers at the expense of a more complex LO generation

circuits.

1.3.2 Voltage-Mode Up-Conversion Mixer

As down-conversion mixers which are described in the prior paragraph, up-conversion
mixers are required for the frequency conversion in wireless communication systems,
especially in the transmitter front-ends [[126]. The up-conversion mixers operated above
20 GHz have been mostly implemented by GsAs-based HEMT, HBT, and SiGe/BiCMOS
processes. Nevertheless, over the last decade, the significant improvement of CMOS
devices into nanometer nodes has made the speed of the CMOS devices comparable to
the devices in SiGe/BiCMOS and III-V_technologies [111]. This has made it possible to
design the up-conversion mixers operated above 20 GHz with the advanced nanometer
CMOS processes.

So far, little has been done to investigate the feasibility of implementing CMOS up-
conversion mixers for such a frequency range around 20 GHz [58]-[61], [66], [67], [133],
[134]. Among them, the CMOS Gilbert mixer has been-adopted in [58]]-[60], [66], [67]],
[134]]. In the Gilbert mixer, the LO signal at the drain of differential pairs is ideally zero,
and the mixing is caused by the switching action of LO switching transistors between
the cutoff and saturation region. Hence, the switching behavior of the LO switching
transistors is quite important. To minimize the period of LO switching transistors into
linear region, the current-bleeding technique can be used to enhance the switching speed.
In [58]-[60], [67], the current-bleeding technique has been applied to the up-conversion
Gilbert mixer to enhance the conversion gain and make the switching transistors operate
faster with lower gate-to-source voltages and smaller sizes.

The input of the Gilbert mixer is actually a voltage-to-current stage. While the non-
linearity in the switching operation is necessary for frequency translation, a distortion of
the drain current caused by the transconductance stage is highly unwanted. This distor-
tion deteriorates the compression and intermodulation characteristic of the up-conversion
Gilbert mixer. The transconductance stage in [66] is with resistive source degeneration to

enhance its linearity performance.
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The CMOS dual-gate up-conversion mixer has been proposed in [[133], where the
dual-gate structure is realized using a cascode connection of two single-gate n-type MOS-
FETs for which relatively accurate simulation models are available. In a dual-gate mixer,
a finite LO signal must be preset at the drains of lower transistors, which cause the change
of drain-to-source voltages. This leads to the switching of the devices between linear and
saturation regions. Due to this, the transconductance of the lower transistors is modulated
by the LO frequency.

In the Gilbert mixer, the transconductance stage is primarily biased in the saturation
region, whereas in a dual-gate mixer, the lower FETs are operated in the linear region
during the most part of the LO cycle, resulting in lower transconductance than that of
an FET biased in the saturation region. As a result, the conversion gain of the Gilbert
mixer is normally higher than that of the dual-gate one, whereas the linearity performance
of dual-gate mixer is moderately better than the Gilbert mixer. Both of these two kinds
of mixers have inherent property of separation of LO and RF ports, which makes them

amenable for integration.

1.3.3 Low Noise Amplifier (LNA)

LNA is the first circuit in the receiver front-end. The functions of LNAs are not only
to amplify RF signals but to contribute as minimum noise as possible to enlarge the power
difference between the received signal and noise. Considering the noise contributions in
LNA design, channel thermal noise and induced gate current noise are the main sources
of noise in MOS devices [[126]], [135]]. The thermal noise occurs because of channel resis-
tance, whereas the induced gate current noise results from the fluctuating channel charges
that induce a physical current towards the gate by capacitive coupling.

Recently, the rapid development of Si-based CMOS technologies has made the real-
ization of low-cost and high-integration RF integrated circuits at frequencies above 20
GHz feasible [111]. So far, numerous CMOS LNAs designed for the frequencies around
20 GHz have been reported [S1]—[57], [65], [136]-[152]. Among them, the single-ended
structure has been used in [51]], [52], [54]-[57], [136]-[140], [142[]-[145], [[147], [[148]],
[150],[[151]], whereas the differential topology has been adopted in [53], [57], [141], [146]],
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[149], [152]]. Generally, the single-ended structure has the advantage of good N F and
low-power consumption. Although the differential configuration provides the immunity
to common-mode noise from power supply, it dissipates more power consumption than
single-ended configuration.

To achieve simultaneous noise and input impedance matching, common source am-
plifier configuration with the inductive source degeneration at the input stage is used
in [52]-[54], [561], [57]], [136]-[138]], [140], [142]], [143]], [145]-[152]. The csccode am-
plifier configuration is mostly used to achieve better reverse isolation due to reducing the
Miller effect [52], [53], [65]. The common-gate input stage topology has been adopted
in [S1], [55], [139]]. The transistor is sized for the common-gate stage to achieve a near
simultaneous power and noise match. To enhance the amplifier gain, the multi-stage con-
figuration has been adopted in [S1]], [52], [S4]-[S7], [[136]—[138], [140], [141], [144]-[149],
[151],[152]. But multi-stage amplifiers will consume more power and lose some linearity

performance.

1.4 Review on CMOS RF Current-Mode Circuits

As CMOS technologies reach the scale of nanometer or deca-nanometer nodes, the
supply voltage is gradually reduced accordingly to around 1 V or less owing to the con-
sideration of reliability of CMOS device. The reduction in the supply voltage of modern
digital CMOS technologies originated by the aggressive downscaling of MOS devices
has many prominent effects on the characteristics of monolithic CMOS circuits including
high packing density, small device parasitics, high device speed, and low power con-
sumption. In the same time, the threshold voltage Vth of CMOS is also reduced and
becomes lower than 0.5 V [111], [[121]. As shown in Fig. the supply voltage and
threshold voltage are reduced in accordance with the scaling of channel length of CMOS
technologies. Unlike the supply voltage, the threshold voltage of MOS devices, however,
is reduced at a rather slower pace, and is mainly constrained by the sub-threshold con-
duction. Consequently, this leads to smaller voltage headroom left for the analog and
RF circuits designed in nanometer CMOS technologies. The dynamic range left for RF

and analog circuits is decreased. Besides, small effective gate-to-source voltage and low
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Figure 1.17 The reduction of supply voltage and threshold voltage in accordance with
the scaling of channel length of CMOS technologies.

device output impedance also critically affect the performance of analog and RF CMOS
circuits [111],[121]. The situation will become worse and worse as CMOS technologies
continue to scale down. It is because that the voltage-mode circuits in general require
large voltage signal swings to keep signal information. The reduction of voltage head-
room in nanometer CMOS technologies affects conventional voltage-mode analog and
RF CMOS circuits more. Although the effective technique of reducing power dissipation
of the wireless communication systems is to decrease the supply voltage, the benefit is
mainly from digital circuits. In analog and RF CMOS circuits, performance degradation
caused by the aggressive reduction of the supply voltage of modern CMOS technologies
becomes a critical challenge. Therefore, analog and RF CMOS integrated circuits that are

capable of operating at low supply voltage have become an important consideration.

Take voltage-mode circuits into consideration, the impedances of internal nodes are
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generally large so that signal information can be mostly carried with the time-varying
voltage signals. Since a large voltage swing is required to keep signal information in
voltage-mode analog and RF circuits, conventional voltage-mode analog and RF circuits
gradually face the problem of insufficient voltage headroom. It becomes difficult to design
conventional voltage-mode analog and RF circuits in reduced voltage headroom under
low supply voltage. Furthermore, when signals are distributed as voltage in voltage-mode
circuits, the parasitic capacitances are charged and discharged with the voltage swing as
large as possible, which limits the speed and increase the dynamic power consumption.
Consequently, different analog and RF circuit topologies, design techniques, and opera-
tional principles need to be explored to overcome such limitations in nanometer CMOS

technologies.

One procedure for finding alternative, preferably simpler, circuit realizations is to use
current signals rather voltage signals for signal processing. MOS transistors in particu-
lar are more suitable for processing currents rather than voltage signals because the out-
put signal is current both in common-source and common-gate amplifier configurations.
When the signal is conveyed as a current, the voltages in.MOS circuits are proportional
to the square-root of the signal,.if saturation region operation is assumed for the device.
Therefore, a compression of voltage signal swing and a reduction of supply voltage are

possible.

In current-mode circuits, the impedances of internal modes are in general smaller than
those in voltage-mode circuits, the voltage swings at the internal nodes become smaller
and the signal information is then mainly carried with the time-varying current signals.
Consequently, current-mode circuits can be easily designed under small voltage head-
room. Besides, as the signals are distributed as current in current-mode circuits, the par-
asitic capacitances are not required to charged and discharged with large voltage swings,
which can therefore improve the speed of circuits and decrease the dynamic power dis-
sipation. Moreover, when dealing with signal processing, it is easy to perform function
of summation by simply connecting the signal paths together without additional ampli-
fiers; thus, the power consumption can be further reduced. With the above advantages,
current-mode analog and RF circuits are capable of operating in low supply voltage and

dissipating smaller power. The current-mode design techniques have great potential in
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the design of CMOS RF front-end circuits in the advanced nanometer or deca-nanometer
CMOS technologies.

So far, some CMOS current-mode circuits in analog front-ends have been proposed
in [121]-[125], [153]-[160]. Among them, current-mode circuits have found increasing
applications in multi-Gbps wire-line data communications. The most challenge block
in the wire-line systems is the front-end, also known as the preamplifier, arising from
the stringent requirement on both the noise and bandwidth. In [121], [122], CMOS
high-frequency wide-bandwidth current-mode preamplifiers have been proposed. These
preamplifiers have the advantage of low-voltage and low-power operation. In [[121],[|122],
the design and analysis of CMOS current-mode amplifiers are discussed. A positive trans-
former feedback LNA fabricated in 0.13-um CMOS has been proposed in [123]. With the
current-current feedback around a common gate stage with an integrated transformer, the
wide-band input matching (avoiding any resonant network) can be provided, and a cur-
rent gain greater than one through the positive transformer feedback can also be achieved.
This LNA has been applied into a current-mode receiver front-end operated at 4 GHz.

Moreover, a 2-GHz current-mode self-switching up-converter with a 1-V supply has
been proposed in [153]. The mixer is fabricated in 0.13-ym CMOS. It has a large con-
version gain of +6.7 dB, and a good output 3"?-order intermodulation intercept point
(Porp3) of +6.5 dBm. The current-mode self-switching mixer requires very small LO in-
put power of —15 dBm. A 0.13-ym CMOS 24-GHz current-mode PA has been proposed
in [154]. This PA has achieved large output power with high PAE in the 24-GHz fre-
quency range. Besides, the PA is capable of operating in the low supply voltage of 1.2 V.
The 0.13-um CMOS K-band current-mode CMOS receiver front-end [[155], the 0.13-um
CMOS 24-GHz CMOS current-mode transmitter front-end [62f], and the 0.13-ym CMOS
K-band CMOS current-mode up-conversion mixer [[160] have been proposed. The con-
cept of current-squaring is used to realize the up-conversion and down-conversion mixer
in [62], [155] [160]. These circuits have the advantages of low supply voltage and low

power consumption.
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Figure 1.18 The proposed K-band receiver front-end integrated with newly current-
mode down-conversion mixer.

1.5 Research Motivation

It 1s the aim of this dissertation to investigate the new design methodology to the
CMOS RF integrated circuits to overcome the reduced voltage-headroom in the low sup-
ply voltage in the advanced CMOS technologies. The current-mode design methodology
has been discussed the feasibility to realize K-band down-conversion and up-conversion
mixers. As shown in Fig. and Fig. the newly designed CMOS current-mode
down-conversion mixer has also been integrated in the CMOS K-band receiver front-end
with a LNA. Moreover, the proposed new CMOS current-mode up-conversion mixer has
also been integrated in the CMOS K-band transmitter front-end with a baseband current

buffer/repeater, a VCO and a transformer-based VCO buffer/repeater.

In addition to propose the new circuit design techniques to millimeter-wave transceiver
front-end circuits, two K-band CMOS low noise amplifiers in 45-nm CMOS technology
are also proposed. The two benchmark circuits of K-band CMOS low noise amplifiers
are implemented to demonstrate the feasibility of designing millimeter-wave circuits in
45-nm CMOS technology.
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Figure 1.19 The proposed K-band transmitter front-end integrated with newly current-
mode up-conversion mixer.

1.6 Organization of This Dissertation

This dissertation contains six chapters, which include analyses, designs, and imple-
mentations of CMOS current-mode down-conversion mixer and current-mode up-conversion
mixer, a CMOS integrated K-band current-mode receiver front-end circuit, a CMOS in-
tegrated K-band current-mode transmitter front-end circuit, and a K-band 45-nm planar
bulk-CMOS low noise amplifier with above-IC technologies.

Chapter 1 introduces the background, describes the research motivation, and explains
the main topics of this dissertation. Several CMOS RF key building blocks and RF
transceiver architectures will be discussed. Moreover,the principle and the advantage of
current-mode design techniques of CMOS analog and RF circuits will be discussed, and
several published high-frequency CMOS current-mode circuits will also be reviewed in
this chapter.

In Chapter 2, a low-power K-band CMOS integrated current-mode receiver front-end
circuits has been proposed, analyzed, and implemented in 0.13-ym 1P8M CMOS tech-
nology. The proposed current-mode receiver front-end is of single-balance structure and
integrated with a current-mode low noise amplifier and a current-mode down-conversion

mixer. In the proposed low noise amplifier, two cascaded current-mirror amplifiers are
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adopted to fulfill the amplification of RF current signal. Following the low noise ampli-
fier is the current-summing circuit to perform the RF and LO current signals. The summed
signal is sent to the current-squaring circuit to perform the function of current mixing of
RF and LO signals. The analyses of the current-mode low noise amplifier and current-
squaring circuit is given. The short-channel effects of the current-squaring circuit are
investigated. Circuit simulations through Agilent ADS are performed to evaluate the per-
formance of the proposed integrated receiver front-end circuits. Finally, the experimental
results are given to verify the circuit performance. It is shown that the current-mode cir-
cuit design technique has great potential for low-voltage and low-power CMOS receiver

front-end circuits in nanometer CMOS technologies.

In Chapter 3, a low-power K-band CMOS integrated current-mode transmitter front-
end circuits has been proposed, analyzed; and implemented in 0.13-ym 1P8M CMOS
technology. The integrated current-mode transmitter consists of a current-mode double-
balanced up-conversion mixer, a voltage controlled oscillator (VCO), a transformer-based
VCO bufter/repeater, and a baseband current buffer/repeater. The proposed current-mode
double-balanced up-conversionmixer is composed of four units of analog current-squaring
circuit. The body effect and short-channel effects of the proposed current-mode double-
balanced up-conversion mixer are investigated. On-chip passive transformers and induc-
tors are designed and extracted through electromagnetic (EM) simulation tool Ansoft
HFSS. Circuit simulations through Agilent ADS and Cadence SpectreRF are performed
to evaluate the performance of the proposed integrated transmitter front-end circuits. The
experimental results are given to verify the circuit performance. The results achieved
demonstrate that the proposed current-mode up-conversion mixer offers great potential for
the application in low-voltage and low-power CMOS transmitter front-ends in advanced

nanometer CMOS technologies.

In Chapter 4, a K-band low noise amplifier with wafer-level packaging (WLP) tech-
nology has been proposed, analyzed, and implemented in IMEC 45-nm 1P5M bulk-
CMOS process. The WLP technology, which consists of a 5-um thick electroplated cop-
per layer on an 18-um low-k dielectric of Benzo-Cyclo-Buthene (BCB), is post-processed
on top of the IMEC’s 45-nm CMOS process. A one-stage cascode low noise amplifier

and a two-stage cascaded cascoded low noise amplifier are realized. The passive induc-
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tors and transmission inductors by WLP technology are designed and extracted through
electromagnetic (EM) simulation tool Ansoft HFSS. Circuit simulations through Cadence
SpectreRF are performed to evaluate the performance of the low noise amplifier. The ex-
perimental results are given to verify the performance. The measurement results show
that the proposed low noise amplifier in 45-nm planar bulk-CMOS with high-Q above-1C
inductors achieves very good performance. It is also demonstrated that the 45-nm pla-
nar bulk-CMOS technology has great potential for the design of high performance RF
circuits. Furthermore, high-Q passive inductors from WLP technology can provide great
benefit to the millimeter-wave circuit designs.

Finally, the main results and conclusions of this dissertation are summarized in Chap-
ter 5. Some suggestions and future works about the implementations of current-mode re-
ceiver, transmitter front-end circuits, and the 45-nm bulk-CMOS LNA are also addressed

in this chapter.



Chapter 2

Low-Power Current-Mode CMOS
K-Band Receiver Front-End ICs

It is the aim of this chapter:to introduce a new:current-mode receiver front-end. The
proposed integrated current-mode receiver front-end which is operated in the frequency of
K-band has been fabricated in.0.13-um 1P8M CMOS technology. The proposed receiver
front-end is of single-balanced structure and 1s integrated with a current-mode LNA and
a current-mode down-conversion mixer. This work has been published in [155]. In the
proposed current-mode LNA, two cascaded current-mirror amplifiers are adopted to real-
ize the amplification of current signals. Following the LNA is the current-mode down-
conversion mixer which is accomplished by a current-summing circuit and a current-
squaring circuit. The current summing circuit performs the summation of RF and LO
signals. The summed signal is sent to the current-squaring circuit to perform the function

of current mixing of RF and LO signals.

The measured results have shown that the current-mode receiver front-end exhibits a
conversion gain of 11.3 dB, the input-referred 1-dB compression point (I P_y,p) of —13.5
dBm and the input-referred third-order intercept point (Py;p3) of =1 dBm. The measured
noise figure (N F) is 14.2 dB at the RF frequency of 24 GHz and LO frequency of 19
GHz. The total power dissipation of this current-mode receiver front-end dissipates 27.8
mW under the condition that the supply voltage of LNA is 0.8 V and the supply voltage

of mixer is 1.2 V. Note that the power consumption of output buffer is not included. The

33
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proposed receiver front-end occupies the active area of 1.45 x 0.72 mm? where testing
pads are included.

This chapter is organized as follows. In Section the architecture and operational
principles of the proposed 24-GHz current-mode receiver front-end is described. In Sec-
tion @, circuit designs of current-mode LNA, current-mode down-conversion mixer, and
integrated receiver front-end are described. The simulation results are also presented and
analyzed in this section. The layout considerations and experimental results are presented

in Section Finally, the summary is given in Section 2.4

2.1 Operational Principles

The block diagram of the proposed cutrént-mode 24-GHz receiver front-end is illus-
trated in Fig. The designed receiver front-end circuit is composed of a LNA and a
down-conversion mixer. The off-chip signal generator provides the first LO signal for
the first-step down-conversion-of the receiver. With the first LO signal at 19 GHz, the
received RF signal amplified by the current-mode LNA at 24 GHz is down-converted to
the IF at 5 GHz by the current-mode mixer. The reason why the IF frequency is set a 5
GHz is that several kinds of RF receiver front-ends are matured at the frequency band of 5
GHz. Such 5-GHz receiver front-ends, the direct-conversion receiver structure (DCR) or
the double-quadrature receiver (DQR) structure for examples, can be adopted to realize
the second-step down-conversion from IF to the baseband, and channel selection can also
be performed by this matured 5-GHz receivers.

The image signal of the first-step down-conversion is at the frequency band of 14
GHz which is far away from the received RF signal at 24 GHz. This image signal can
be removed from the off-chip RF pre-select filter BP Frr. Besides, the bandpass current-
mode LNA can also provide the rejection of this image signal. To deal with the image
signal at the first-step down-conversion, the matured 5-GHz DCR can be used because of
this structure inherently has no image problem. Furthermore, the matured 5-GHz DQR
can also be used, because the DQR can provide better I RR and is less sensitive to I/Q-
imbalances of the second-step down-conversion.

In the design of CMOS LNA, the CMOS current-mirror structure is adopted as the
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current amplifier and two stages of current-mirror amplifiers are cascaded to provide suf-
ficient gain. As for the current-mode down-conversion mixer, the high frequency analog
current multiplier is proposed. It consists of a current summing circuit and a current squar-

ing circuit. Detailed circuit designs and analyses are described in the following section.

2.2 Circuit Designs

2.2.1 Current-Mode Low-Noise Amplifier

The circuit diagram of the proposed two-stage cascaded current-mode LNA is shown
in Fig. [2.2] where the first-stage current-mirror amplifier is composed of M, and M,
and the second-stage current-mirror amplifier is composed of M3 and M4. All NMOS
transistors are operated in the saturation region. The aspect ratio of M, is designed M
times of that of M, whereas the aspect ratio of M, 1s designed N times of that of M.
Accordingly, the gate-to-source capacitance of My (My), Cos m, (Cgs m,, 1S about M
(N) times of gate-to-source capacitance of M; (M3), Cgs m, (Ces ;). To reduce the
signal losses at the operating frequency, the inductors L;—L; are chosen as the loads of
the current-mode LNA to resonate out the parasitic capacitors Cry, Cr,, and Cr3 at the

nodes Ay, Ay, and A3, respectively, where

Cri=0+M)Cssm +Cpsm, (2.1)
Cr, =1+ N)Cgsm, + Cpsm, + Cps m, (2.2)
Crz = CDS,M4 (2-3)

The input ac coupling capacitor C;y and the input pad with the capacitance of Cp,p;
form the input matching network of the current-mode LNA. Coyr is the capacitor that
blocks dc between LNA and the following current-mode mixer. Only the ac current signal
iour. LN 4 18 sent to the next stage. Lgp is designed to resonate out the gate-to-drain capaci-
tor Cgp pm2 of M, at the operating frequency wy in order to enhance the reverse isolation
of the LNA. After resonating out the parasitic capacitances Cgp p2 0f M, between its gate
and drain, the transistor M, becomes more unilateral such that the stability can be further

improved. Because the reverse isolation is high enough when using Lgp to resonate out
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Figure 2.2 The circuit diagram of the proposed two-stage cascaded current-mode LNA
at the low supply voltage of 0.8 V.
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Figure 2.3 The small-signal equivalent circuit of the two-stage cascaded current-mode
LNA at the operating frequency of wy.
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Figure 2.4 The circuit diagram of the proposed two-stage cascaded current-mode LNA
at the normal supply voltage of 1.2 V.

the Csp m2, the second-stage LNA will not adopt this method to prevent from the area
overhead. Besides, input matching network will not be affected by the following stage
because of good isolation, and it will become easier to design.

At the operating frequency @, inductors L;—L; and the respective parasitic capacitors
Cr1—Cr; are resonated. The small-signal equivalent circuit of the proposed current-mode

LNA at the operating frequency wy can be depicted in Fig. and
1 1 1 1

wy = = = = (2.4)
VLiCri  \L:Cry  \/LiCrs  \/L6pCop.m,

Rri =Ry 1, || rom, (2.5)

Ry =Ry, | romsy |l Fomy (2.6)

Rps; = Rp,L3 Il 7o,n, 2.7)

where R, ;,—R, 1, are the equivalent parallel resistances of the inductors L;—Ls. 7y p,—
rom, and g, 1—gma are the output impedance and transconductance of the transistors M —
M,, respectively. Ry is the source impedance, and Z,f;, sy 1s the input impedance of

the following circuit of current-summing circuit. Because the circuit dimensions are much
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smaller than the wavelengths involved, the distributed effect of circuits is negligible. Thus

the lumped small-signal equivalent circuit is adopted to analyze the circuit behavior.

From Fig. the input impedance Z;, ;v 4 In s—domain can be expressed as

1
SCpapi
(1 + gmiR71) + sRrCrn

= 5 (2.8)
$(Cpap1 +Cin) + 5*°Cpapi Crn Ry

1

1
Zinina(s) | + (Ryy ||
sCrn

ml

Let s = jw, and the input impedance of the LNA Z;, ; n4(j®) can be calculated as g,,;

®R7\Cin [(Cpap1 + Cin) — (1 + gmi Rr1) Cpapi]
@ [(CPADI +Cin)* + (CURT1CPAD1C1N)2]
B (1 + gmRr) (Cpap1 + Cin) — sz%qC%NCPADl
@ [(CPADl + Cry)’ + (G)RT1CPA01CIN)2]

Zinina (jo) =

(2.9)

In order to achieve maximum power transfer, the real part of Z;, ; 4 should be equal to
5042 at the operation frequency w,, and the imaginary part of Z;, ; x4 can be eliminated

at wy if the following equation'is satisfied.
0=(1+gmR7r1)(Cpapi+ Cin) = wSR%qC%NCPADl (2.10)

Thus the relation among C;n, Cpap1, Rr1, &n1, and @y can be designed according to the

following equation

1 Cin )
wy = 14+ g.uR 1+ 2.11
0 RrCin \/( gmRr1) < Connt ( )

where @, is defined in (2.4)). Substituting (2.11)) into (2.9), the real part of Z;, ;y4 at the

operation frequency w, should equal to 502, and can be expressed as

Zinina lomoy= 50 = R Cin [(Cpapi + Cin) — (1 + gmiRr1) Cpapi] (2.12)

(Cpap1 + Crin)* + (@R Cpapi Crn)?

The current gain A; and voltage gain A, of the LNA are also calculated when taking

the input impedance of the following stage of current-summing circuit Z, s, sypm 1nto
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considerations at the operating frequency w,. They can be expressed as

Lout, LNA
Ai |a)=a)o = l INA |co=co0
Ry
nggm4RT1RT2 < )
_ Ry3 + Z,pinsum 0.13)
C 2
PAD1
(1 + gmsRr2) 1/ (1 + g1 R11)? (1 + C > + (0oR71Cpap1)
IN
Vout, LN A
Avlo=an = — ’LNA lo=a0 (2.14)
@0&m28&maRr1 Rr2Crn

= = = (Rrs || Zrsinsum)
(1 + gm3Rr2) \/(1 + gmiRr1)” + (0o R11Crn)

The LNA circuit shown in Fig. is designed for low supply voltage of 0.8 V. If the
normal power supply of 1.2 V is used, the circuit is depicted in Fig.[2.4] M¢—Mj5 with gate

shorted to drain are used to reduce the supply voltage to the amplifiers so that the LNA
can be biased well and operated at low dc power dissipation. Bypass capacitors C;—Cs
are used at the nodes As—Ag, respectively, to make these three nodes look like ac ground,
and in the meanwhile, C;—C; can bypass the supply noise. With M¢—Mg, the dc voltages
at the nodes As—A¢ are about 0.8 V.“The small signal equivalent circuit model of Fig.
is still the same as Fig.[2.2] and is shown in Fig.

The simulated gain, input matching characteristics, and the reverse isolation charac-
teristics of the proposed current-mode LNA is shown in Fig. The LNA can achieve
the maximum simulated gain of 17 dB at the operating frequency of 24 GHz. The simu-
lated N F and N F,,;, of the LNA are depicted in Fig. This LNA has the simulated
NF of 3.4 dB at 24 GHz. Besides, the N F of the LNA is approached to N F,,;, at 24
GHz. The simulation results in 5 process corners are shown in Fig.[2.6(a)|and Fig.
which are the simulation results for the circuit depicted in Fig. [2.2] and Fig. 2.4] respec-
tively. The S»; 1s varied from around 17.6 dB to 13.8 dB at the supply voltage of 0.8 V,
and is varied from about 18.1 dB to 16.9 dB at the supply voltage of 1.2 V. The linear-
ity performance of the LNA is verified by Harmonic Balance (HB) simulation. With the
signal at 24 GHz, the simulated linearity curve which is shown in Fig. reveals that
the I P_y4p is about —24 dBm. With the signals at 23.9 GHz and 24.1 GHz, the simulated
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linearity curves which are shown in Fig. depict a P;;p3 of —=10.8 dBm. The LNA in
Fig. drains 20.4 mA from the supply voltage of 0.8 V and drains 34.82 mA from the
supply voltage of 1.2 V. The increase in simulated current consumption from 20.4 mA to
34.82 mA is because the gate-to-source voltage of LNA is changed from 0.8 Vto 1.2V as
the supply voltage is increased from 0.8 V to 1.2 V. In Fig. the gate-to-source voltage
of LNA can be kept to about 0.8 V under the supply voltage of 1.2 V, and this LNA drains
about 20.4 mA from the supply voltage of 1.2 V.

2.2.2 Current-Mode Down-Conversion Mixer

The conceptual block diagram of the proposed current-mode down-conversion mixer
is depicted in Fig. This mixer is composed of a current summing circuit, a cur-
rent squaring circuit, and a band-pass filter (BPF). The RF input current signal i x4 =
I N4 cos wgpt from the current<=mode LNA and the LO input current signal i; o = I cos w ot
from the off-chip signal generator are summed through the current-summing circuit. The
summed current signal isyy = (izna +iro) = (LN €0S wrpt + I1p COSw o) 18 sent
to the following current-squaring circuit which results‘in the square components of ii NA
and iZLO and the multiplication component i; y4 X iz 0. The multiplication component of
two current signals provides the function of double sideband mixing.

Through the double sideband mixing, the received 24-GHz signal is converted to 5
GHz which is the lower sideband (LSB) and 43 GHz which is the upper sideband (USB)
with the LO signal at 19 GHz. Following the current squaring circuit is the bandpass filter
(BPF) which is capable of frequency selectivity. In this receiver design, the center fre-
quency of the BPF is designed at 5 GHz so that the targeted LSB can be obtained and the
unwanted USB can be attenuated. The detailed operational principles of the current squar-
ing circuit and the current summing circuit are described in the following sub-sections.

The circuit diagram of the current squaring circuit as modified from [161]], [162] is
shown in Fig.[2.9) where Mo, and Mo, are current mirror circuit. The bulk and source
of Msp3 are connected together to eliminate the body effect. Assume that both short-
channel effect and channel-length modulation effect are negligible, and the MOS tran-

sistors M so1—Mso3 are well matched with the same channel width/length (W/L). If all
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Figure 2.5 The simulated (a) S-parameters, and (b) N F and N F,,;, of the proposed
current-mode LNA.
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Figure 2.6 The simulated .S,; of the current-mode LNA in different process corners (a)
at the supply voltage of 0.8 V, and (b) at the supply voltage of 1.2 V.
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Figure 2.7 Simulated linearity performance of the current-mode LNA by (a) 1-tone anal-
ysis, and (b) 2-tone analysis.
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MOS devices are in the saturation region, the relation between vgs argy,» Vo msp;-and the

input current i;, can be expressed as

Ve iin
VGSMsgr = 7‘; +— (2.15)
knf Ve —2Vin)

V. i
VGS Msgs = 7‘; -— (2.16)
knf Ve = 2Vin)

where k, = u,C,, is the mobility y, times the oxide capacitance per unit area C,,, V;; is

the threshold voltage, v s is gate-to-source voltage, and V5 is the dc bias voltage of the

current squaring circuit and equal to (Vgsmso, + VGsMgp,)- From (2.15) and (2.16)), the
drain currents i; and i3 of Mg, and M s¢3, respectively, can be calculated. Since i} = iy,

the output current ipyr can be written as

-2

15
o — . o A I n 2.17
loyr. =11 T 13 B+ i1, ( )

where

1 W
I'p = anf (Vo — 2Va)* (2.18)

Supposed the input current i;, of the current squaring circuit equals (/g cos wgpt +
110 cos wppt), the output current signal of the current squaring circuit from (2.17]) can be

expressed as

2 +1?
iour(t) = (IB+%>
B

1
+g (IIZQF cos 2wgrt + IiO CcoS 2Cl)Lot)
B

IRFILO

+
41p

[COS (CL)RF+C()L0)t+COS (a)RF_wLO) t] (219)

From the last term in (2.19), the double sideband mixing is achieved and the RF signal
at the frequency wgr 1s mixed with the LO signal at the frequency of ;. The signal at
wgr 1s converted into the signals at at (wgr + @) and at (wgr — @rp). The @;F in this

design is set to (wrr — @ o). The current conversion gain of the current squaring circuit
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can be defined as

Lout |w=(pr—wLo)

iy

Current Conversion Gain

Tio
41,
I
= — Lo (2.20)
knf (Vo = 2Vip)?

From (2.20), the current conversion gain can be controlled by the magnitude of LO signal
and the biasing voltage V.

The proposed current-mode mixer is operated as current multiplier. Compared to
the Gilbert mixers, the proposed current-mode mixer generate less harmonics and inter-
modulation products, and therefore, the proposed current-mode mixers is more linear than
the Gilbert mixers. If V{; is designed approach to 2V, and Msp, - Mggps are also in
saturation region, bias current Iz can be kept small, and the LO current signal can be kept
small such that small LO power can be obtained:

As shown in (2.19), the second order harmonics of the RF and LO exist because the
single-balanced down-conversion mixer is used. To eliminate these harmonic terms, the
load of the current squaring circuit can be designed by a LC tank which is resonated at
IF and serves as a BPF. Because of its bandpass characteristics, both harmonic and inter-
modulation components with frequencies far away from the IF can be suppressed. Only
the IF signal at the desired frequency are selected and sent to the output.

In the advanced deep sub-micron CMOS technologies, the relationship between the
drain current and the gate overdrive voltage of CMOS devices is not exactly square. Due
to the short channel and channel length modulation effects, the drain current ipg is ap-
proximated as [163]], [164]

2

) I w Hn Vov

ips ~ —k,— 1+ Av 2.21

05 X 2k T TE Bvor) o ( DS) (2.21)
EcL

where voy = (vgs — Vi) 1s the gate overdrive voltage, Ec is the critical value of the hori-
zontal electric field, 0 is inversely proportional to the oxide thickness, and the coefficient

A models the effect of the channel length modulation which is related to vpg. Because Vg
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is usually designed a little higher than two times threshold voltage of Mo, and Mgs
from the consideration of the current conversion gain as shown in (2.20). The overdrive
voltage voltages of both Mo, and M3 are not high, and are of several mV such that
vor<<0~! and voy<EcL. To analyze the behavior of the current-squaring circuit with
short channel and channel length effects, can be simplified approximately as

1 W
ips & Eknfvév (1 + Avps) (2.22)

Therefore, the channel length-length modulation will have some effects of the proposed

current-squaring circuit and need to be investigated further more.

If6 = (VDS,MSQ3 — VDS,M5Q1)/2 and o = (VDS,MSQ3 + VDS,M5Q1)/2 = VDD/2 is assumed,
VDS My = (6+8) = (Vpp/2+6) and vps s, = (6—6) = (Vpp/2—06). After considering
the channel-length modulation by (2.22]); the expression ioyr in (2.17) is modified and

expressed as

iouT = J1—= * priin+ xals (2.23)
415

where
2+3cA+464

M7 [+ oA =640 + oA+ 61)]
o044 +5061)+6A(1 +04)

- 2.25
B[t on? — 641+ 0+ 6d)] (2:23)

(14044647 (2+304)
2[1+064)? =641+ 04+ 64)]

Note that y; and y; are less than 1, whereas y; is larger than 1. Furthermore, the above

(2.24)

X3 (2.26)

derivations only consider the channel length modulation effect, and the rest of short chan-
nel effects are ignored under the condition of small gate overdrive voltage of Mo, and
M. If the effect of channel-length modulation effect is neglected as 4 = 0, y; = 1,
x> = 0,and y; = 1. Hence, can be simplified to (2.17). The factor y; of the iizn
in (2.23)) reveals that the conversion gain of the squaring circuit with the channel-length
modulation becomes y; times smaller than that without channel-length modulation. The
detailed derivations of (2.23)—(2.26)) are shown in Appendix

Moreover, even if the drain-to-source voltage differences of Mgp; and M g3 are the

same, the channel-length modulation still has effects on the proposed squaring circuit. In
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this case where 6 = 0 and A#0, (2.23) is simplified to

i2

iour =71 ﬁ + y2iin + 7313 (2.27)
where

24304
Nn=——5 (2.28)

2(1+04)

oA

= 2.29
YY) (2.29)

2+ 304
V3= 5 (2.30)

From the above derivations, channel-length modulation effect degrades the conversion
gain of the current squaring circuit which is y; smaller in (2.23)) or y; smaller in (2.27)).
Besides, this effect also leads to the leakage of the fundamental signal of LO and RF
signals.

The simulated conversion gain versus the biasing voltage V; of the proposed current-
squaring circuit is depicted in"Fig. 2.10l In this design, the conversion gain approaches
maximum value when V; equals 1.2 V. Meanwhile, the drain-to-source voltage difference
of Msoi and Msg3, |Vps . mse —VDs Msy:)» 18 at the minimum value.

Fig. 2.11] shows the current summing circuit. Two common-gate transistors My and
M, in the saturation region are operated as current buffers. The bulks of My and M,
are connected to ground. Although My and M, suffer from the body effect resulting in
slightly increase of their threshold voltage, the isolation among the input port of RF, the
input port of LO, and the output port can be improved. Besides, the voltage headroom
of this circuit is sufficient because the inductor L, is tied to Vpp and Ls—Lg are tied to
ground. This current summing circuit can be operated at very low supply voltage. The
input impedance of the LO port is small because of the input of the common-gate current
buffer. As the power signal is applied to the LO port, the LO signal will be mainly carried
by the current signal. Therefore, additional circuit for voltage to current conversion is not
required to prevent from the overhead of power consumption.

Due to the advantage of current-mode signal processing, the current signals i, n4
from LNA circuit and i;, ;o from off-chip LO signal generator are summed by connecting

the drains of My and V), together. L, is designed to provide high impedance at the output
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Figure 2.10 Circuit diagram of the current-summing circuit.

so that the summed current signal (i, na +im o) can be fed into the following current
squaring circuit. Cs is the dc blocking capacitor to prevent from disturbing the biasing
point of the LNA. At the frequency of RF, Ls is resonated with the parasitic gate-to-
source capacitance Cgs », and the parasitic source-to-bulk capacitance Csp p, of My to
provide high impedance to ac ground so that the input RF current signal from the LNA
circuit can flow into My. Lg, Cg, and Cp4p, constitute the input matching network for LO
input port. The parasitic gate-to-source capacitance Cgs pr,, and the parasitic source-to-
bulk capacitance Cgp p,, of Mg are also considered within the input matching network

of LO input port.

2.2.3 Integrated Current-Mode Receiver Front-End

The detailed connections of the current-mode receiver front-end circuits are shown in

Fig. The circuits include a two-stage current-mode LNA of low-voltage version, a
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Figure 2.11 Circuit diagram of the current-summing circuit.

current summing circuit, and a current squaring circuit. The input signal at wgr is firstly
amplified by LNA, and then is mixed with the LO signal at @, ¢ by the current-mode mixer
formed by a current summing circuit and a current squaring circuit. The down-converted
signal at w;F is finally sent to output buffer which is a current-mirror amplifier formed
by M4, M5, and Lg. The output matching network is designed by Lg, Cy, and Cp4p3
so that the output impedance of the measuring buffer equals 50 2 and the maximum
power transfer can be achieved. Table 3.1 shows the design parameters of the two-stage
current-mode LNA of low-voltage version. Table 3.2 shows the design parameters of
current-mode down-conversion mixer and output buffer.

In this work, the RF input frequency is set at 24 GHz, the LO frequency is set at
19 GHz, and accordingly the IF output frequency is at 5 GHz. The image frequency
is at 14 GHz. According to Fig. the image rejection of the proposed receiver
front-end is more than 30 dB before the first down-conversion mixer due to the large IF
frequency of 5 GHz is selected. This performance is achieved due to the multistage nature

of bandpass LNA. If much higher image rejection is required, the off-chip pre-select filter
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Figure 2.12 Detailed connections of the 24-GHz current-mode receiver front-end with
output buffer.
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Table 2.1

DEVICE PARAMETERS OF 24-GHz CMOS CURRENT-MODE LNA

Low-Noise Amplifier
M, M; 1.2 yum/0.13 ym
M, 52.8 um/0.13 ym
M, 31.2 ym/0.13 ym
Cin 89 fF
Crapi 20 fF
Lgp 506 pH
L, 297 pH
Lz, L3 315 pH
Table 2.2

DEVICE PARAMETERS OF 24-GHz CMOS CURRENT-MODE DOWN-

CONVERSION MIXER AND:OUTPUT BUFFER

Current-Squaring Circuit
Moy, M 38.4 ym/0.13 ym
Cs 63 fF
Cs 274 fF
Cpam 20 fF
Ly 443 pH
Ls 945 pH
L 916 pH
Current-Squaring Circuit
M, My, M3 14.4 ym/0.13 ym
C7 1 pF
Cs 132 fF
L, 884 pH
Output Buffer
My, 1.2 ym/0.13 ym
& 583 fF
Cpap3 20 fF
Lg 1.69 nH
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Figure 2.13 Simulated linearity performance of the 24-GHz current-mode receiver by
two-tone HB analysis.

before the LNA can be used to enhance the performance of image rejection. For testing

consideration, the three ports are also designed to match with 50 Q.

If multiple power supplies can be used in the receiver front-end, the simulated power
consumption of the current-mode receiver is 29.94 mW where the two-stage current-mode
LNA of low-voltage version drains 20.4 mA from the supply voltage of 0.8 V, and the cur-
rent summing circuit and current squaring circuit drain 8.8 mA and 2.55 mA, respectively,
from the supply voltage of 1.2 V. Under this condition, the two-tone analyses by HB sim-
ulation with two RF input signals at 23.95 GHz and 24.05 GHz and the LO signal at 19
GHz with the power level of =3 dBm are depicted in Fig. It reveals that the receiver
has a simulated conversion gain of 21.5 dB, an I P_;,5 of =29 dBm, and a P;;p; of —18.2
dBm. The simulated N F of the proposed integrated current-mode receiver front-end is

4.2 dB with the RF at 24 GHz and LO at 19 GHz.

Moreover, if the receiver front-end is restricted to use single power supply, it consumes

55.4 mW from the supply voltage of 1.2 V. The excess power consumption is from the



2.3. EXPERIMENTAL RESULTS 55

LNA because higher voltage is adopted to bias the LNA of the low-voltage version, and
the LNA drains 34.82 mA from the supply voltage of 1.2 V. The use of multiple supply
voltage of 0.8 V and 1.2 V complicates the design.

In this design, the supply voltages are from different off-chip power supplies. There-
fore, the smaller supply voltage can be easily supported. If the receiver is restricted to use
a single supply voltage of 1.2 V, the LNA is recommended to use the circuit in Fig. [2.4]
where M¢—Mj provide a simple way to have the voltage drop of around 400 mV for the
LNA such that the voltages at the nodes of A;—A¢ are around 0.8 V and M|—M, can be
well biased.

In the 0.13-pm CMOS process, the threshold voltage of NMOS transistors is about 450
mV. With 50-mV overdrive voltage of the transistors M, and M3 for proper operation,
the proposed current-mode down-conversion mixer potentially can be operated at lower

supply voltage of about 1 V, whichis equal to (Vos il + Vs miz)-
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Figure 2.14 “Cross-section view of back-end process.

2.3 Experimental Results

The designed 24-GHz current-mode receiver front-end circuit was fabricated in 0.13-
pum 1P8M CMOS technology. Shown in Fig. 2.14]is the cross-section view of the backend
process. The top metal of this process is copper (Cu) and is with the thickness of 3.35 ym.
The height of the oxide evaluated from the surface of p-type silicon substrate to the bottom
of the top metal-8 is about 7.445 ym. The equivalent relative permittivity €.y, is about
4.2. Based on the technology information of the backend process, the electromagnetic
(EM) tool Ansoft HFSS™ [165]] is used to evaluate and extract the characteristics of
the on-chip octagonal spiral inductors, and it is also used to extract the parasitic of the

proposed circuit from the layout view to perform post-simulation.

The floor plans of the proposed receiver front-end are depicted in Fig. [2.15] Nine
on-chip octagonal spiral inductors are used. The distances of each inductor are more than
100 um to mitigate the magnetic coupling between on-chip inductors. In addition, the

distances of the active devices of current-mode LNA, current summing circuit, current-
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Figure 2.15 Chip microphotography of the fabricated 24-GHz current-mode receiver
front-end.
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squaring circuit and output buffer are arranged far, the noise influence between these cir-
cuits are kept small. The signal path between input pad and the input of the LNA is drawn
as short as possible to avoid additional signal losses and increase of NF. Besides, large
on-chip decoupling capacitors are used between the biases and ground, such that high
frequency noises can be bypassed to ground and consequently stable biases and supplies
of the receiver can be achieved. All dc pads are protected by ESD diodes to enhance
the reliability of the proposed receiver. The performance of each circuit block in this 24-
GHz current-mode receiver is over-designed to overcome process variations. This chip

occupies the active region of 1.45 x 0.72 mm? including testing pads.

The measurement setups of this fabricated receiver are described as follows. The on-
wafer probing measurement is adopted to verify the performance of the receiver front-end.
Three GSG RF probes with the pitch of 150 gm and a 6-pin dc probe with the pitch of 150
um are applied to probe the testing pads. As shown in Fig. the S parameters are
measured to analyze both the input and output matching characteristics by the network
analyzer, Agilent E8364B, which can characterize the S-parameter performance from 10
MHz to 50 GHz. To measure conversion gain and linearity;.three signal generators Agilent
E8257D are used to provide two RF and one LO signals for the device under test (DUT).
The spectrum analyzer Agilent E4448A is used to monitor the spectrum to verify the
linearity and conversion gain of the receiver. The measurement environment is illustrated
in Fig. The noise figure analyzer Agilent N8975A with a broadband noise source

HP 346C are used to measure the performance of N F of the receiver. The measurement
environment is illustrated in Fig.[2.16(c)
Owing to the layout mistake of the fabricated chip, the focused ion beam (FIB) post-

process is used to modify the metal connections of the current-mode LNA. The FIB metal
lines connect the LNA circuit to the power supply. Under the condition that multiple
power supplies can be used so that the power supply of LNA and current-mode mixer
are 0.8 V and 1.2 V, respectively, the measured total power consumption is 27.8 mW.
Moreover, if the single power supply of 1.2 V is applied to the receiver front-end, the
measured power dissipation is increased to about 49.8 mW. The reason why the increase
in measured power dissipation from 27.8 mW for the multiple supply voltages to 49.8

mW for the single supply voltage is the supply voltage of LNA is increased from 0.8 V
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to 1.2 V. This results in increasing more overdrive voltage of 400 mV of the LNA, and
consequently the measured power dissipation of LNA itself is increased. The measured
current consumption of the LNA is 19.45 mA from the supply voltage of 0.8 V and is 31.3
mA from the supply voltage of 1.2 V.

Fig. presents the measured and revise-simulated conversion gain versus RF input
frequency. The losses from cables, probes and adaptors are compensated. Moreover,
the parasitic resistances resulting from FIB post-process are considered in the revise-
simulated results. The tested RF input power is =30 dBm. The LO is set to the frequency
which is 5 GHz lower than the RF, f;o = frr — SGHz, and the tested LO input power
is =3 dBm. The output is observed at the fixed IF frequency of 5 GHz. The measured
conversion gain of the RF frequency at 24 GHz is 11.3 dB under the condition that the
power supplies of the LNA and Mixer are, 0.8 V_and 1.2V, respectively. In addition, the
conversion gain is 12 dB under the condition that the power supply of both LNA and
Mixer is 1.2 V. Because the parasitic resistances from FIB post-process are in series with
the inductive loads of the current-mode LNA, the quality factor of the loads of the LNA
is decreased. This makes the gain of the LNA decrease, and consequently the conversion

gain of the receiver is decreased.

The two-tone test results are shown in Fig. Two RF inputs with 100 MHz fre-
quency spacing are at the frequency of 24.05 GHz and 23.95 GHz and the LO is at 19
GHz with the power of -3 dBm. Because of the conversion gain reduction of the receiver,
the measured I P_y,p and Pj;p; are raised to —13.5 dBm and —1 dBm, respectively, under
the condition that the power supplies of LNA and Mixer are 0.8 V and 1.2 V, respectively.
Besides, the measured I P_,;p and Pj;p; are about —12 dBm and —1.5 dBm, respectively,
under the condition that the single power supply of 1.2 V for LNA and Mixer is adopted.
At the RF frequency of 24 GHz and the LO frequency of 19 GHz, the measured total N F
of the receiver is 14.2 dB and 13.3 dB if the power supply of LNA is 0.8 V and 1.2 V,
respectively.

Table 3.3 summaries the performance of the proposed current-mode receiver front-
end. In addition, some comparison results of published 24-GHz receiver front-end cir-
cuits are also provided. Compared to the works published in [S1], [S7]], [157], [166], the

proposed 24-GHz CMOS current-mode receiver front-end has the advantage of smaller
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Figure 2.18 The measured linearity performance of the receiver by two-tone testing.
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power dissipations and can be operated in low supply voltage. This current-mode receiver

front-end also has better linearity performance.

2.4 Summary

In this work, the current-mode design techniques of CMOS RF circuits are developed
and are applied to realize the first 24-GHz CMOS current-mode receiver front-end. The
receiver integrated with a current-mode LNA and a current-mode down-conversion mixer
is designed, fabricated in 0.13-ym 1P8M CMOS technology and measured. Two-stage
current-mirror amplifiers cascaded are used to realize the current-mode LNA. The LNA
has the capability of low-voltage operation. The current summing circuit and current-
squaring circuits are adopted to perform the;mixing of the current signals. The proposed
current-mode mixer potentially can'be operated in the low supply voltage of 1 V. The mea-
sured results demonstrate that the proposed current-mode receiver front-end can operate
well in the 24-GHz frequency band: Although the receiver does not achieve the expected
performance because of the layout mistake, after the FIB post-process to remedy for the
layout mistake, the designed 24-GHz CMOS current-mode receiver front-end still can ex-
hibit the conversion gain of 11.3 dB, the N F of 14.2 dB, and the P;;p; of —1 dBm under
the condition that power supply of the current-mode LNA is 0.8 V and the power supply of
the current-mode mixer is 1.2 V. The total power dissipation of the current-mode receiver
front-end under this condition is 27.8 mW. Besides, the proposed current-mode circuits re-
quire less currents than conventional voltage-mode circuits. Therefore, the current-mode
design techniques have the capability of designing low-voltage and low-power RF circuits
in the advanced nanometer CMOS technologies. Future research on the applications of
a parallel wireless network to the existing WLANs at 17 GHz, short-range data link of
HiperLink, long-distance data link of HiperAccess, or point-to-point wireless communi-

cation systems will be explored and discussed by the proposed current-mode approaches.



64CHAPTER 2. LOW-POWER CURRENT-MODE CMOS K-BAND RECEIVER FRONT-END ICS

SI'TX8¥'1 SO0X¥0 CIXTT 908°1 X 68 CLOX S [[wuw] vare diyy
LT~ £ [ Y% Yo Sel— 71— | [wgp] P17 1 101000y
- - - - - Sl [wgp] &d71d I10A109Y
8'8 L'L 9 Sl 44! gl [dP] AN FoATO0Y
53 S'LT ¥'8¢ S6l g1l 1! [gPp] ures 1A109y
0¥9 Sv9 7S Se 8'LT 8’67 [muw] 1omog
14 Sl 81 I T1/80 Tl [A] o3eyjoa Kjddng
T0 6 (484 0 S [zHD] Aouanbaig 1
6'¢C 691 8161 91 61 [zHD] Adousnbaxy O]
1'vC 8'1¢ T T T [zHD] Aouanbaiy .y
ZHD 08=1/
LdH 901§ wH-g°( SOIND wH-81°( SOIND wr-87°( SOND WwH-¢1°0 SOND wH-¢1°Q A3ojouyda],
opow-o3e)JoA opow-o3e)oA OpPOW-93L}[0A 9pow-)uaIIN)) pow-juaLIn)) ASojodoy,
IOpIA
siogidury g1 | -1p sxmerpenb.yyim QDA

IOXTIN IOXTIA HOq[ID) | OMT, + JOXIA MqQ[ID) | + DO + JOXIA AT Ten JOXTW 9POUI-JUIIND

wqro  pip O/1 + paoueeq-o[3uls paouR[eg-A[BUIS | ~UIBPIP O/ + IXIN 1Y padue[eq-s[3uls
VNT “JIp 8eis-¢ VNT 33e)s-¢ | + YN  98eys-¢'| pedue[eq-a[qnop + YN'T + VN1 98es-g syoo[q Surpfing
UOISIQAUOD-}III(] uApoiojoyg QuApoiajoyg QuApoIaloH QuApoIaloyg QINIOANIYIIB JOAIIIY

1991l L1gl [Lg]l [Ls1] JI0M SIYT,

SLINDAUID ANH-ILNOY] JdAIHDTY ZHOD - AdHSITdNd 40 SLTASHY NOSTIVJINOD ANV AONVINIOLIdd AFINSVHIN dH T,

A LAY



Chapter 3

Low-Power Current-Mode K-Band
Transmitter Front-End ICs

It is the aim of this chapter to introduce a new current-mode transmitter front-end. The
proposed integrated current-mode transmitter front-end which is operated in the frequency
of K-band has been fabricated.in 0.13-ym 1P8M CMOS technology, and been published
in [62], [[160]. The proposed transmitter front-end is of double-balanced structure and is
integrated with a current-mode double-balanced up-conversion mixer, a baseband current
buffer/repeater, a voltage-controlled oscillator (VCO), and a VCO buffer/repeater. The
proposed current-mode double-balanced up-conversion mixer consists of four current-
squaring circuit units of which the input and output are both current signals. Fully bal-
anced current-mirror amplifiers are adopted to deal with differential baseband input cur-
rent signals. Two identical differential baseband current signals are copied through the
current-mirror amplifiers. The on-chip cross-coupled VCO provides the differential LO
signals. Through the transformer-based VCO buffer/repeater, the differential voltage sig-
nals of LO is converted to two identical differential current signals of LO by two on-chip
transformers. These LO current signals are sent to the proposed current-mode mixer. An-
other purpose of the transformer-based VCO buffer/repeater is to increase the isolation

between VCO and current-mode mixer to prevent from disturbing VCO.

The measured results have shown that the proposed integrated current-mode trans-

mitter front-end exhibits a measured conversion power gain of -5 dB, an input-referred

65
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1-dB compression point (I P_y45) of —22 dBm, an output-referred 1-dB compression point
(OP_y4p) of =28 dBm, an input-referred third-order intercept point (Py;p3) of =9.6 dBm,
and an output-referred third-order intercept point (Pp;p3) of —14.6 dBm. The single-
sideband (SSB) noise figure (N F) is about 12.7 dB. The on-chip VCO provides the LO
frequency from 20.8 GHz to 22.7 GHz with the control voltage varied from O V to 2 V. The
phase-noise of the VCO i1s —108 dBc/Hz at 10-MHz offset from 22.7 GHz. Under the 1-V
supply voltage, the fabricated current-mode double-balanced up-conversion mixer, VCO,
VCO buffer/repeater and baseband current buffer/repeater circuits dissipate 3.1 mW, 2.2
mW, 3.3 mW, and 3.1 mW, respectively. The proposed transmitter front-end occupies the
active area of 1.5 x 1.1 mm? where testing pads are included.

This chapter is organized as follows. In Section the design and extraction of
on-chip planar transformer is described. In Section the architecture and operational
principle of the proposed current-mode transmitter front-end is described. In Section[3.3]
circuit designs of the proposed.double-balanced current-mode up-conversion mixer, on-
chip VCO, transformer-based VCO buffer/repeater, baseband current buffer/repeater, and
integrated current-mode transmitter front-end are described. Body effect and short chan-
nel effects of the proposed current-mode mixer are also investigated. Simulation results
are also given in this section. In Section the layout consideration and experimental
results are presented and analyzed to verify the advantageous performance of the pro-
posed current-mode double-balanced up-conversion mixer and the current-mode trans-

mitter front-end. Finally, the summary is given in Section[3.5]

3.1 Design of On-Chip Transformer

The transformer is realized with two planar symmetric windings where the primary
winding is 1 turn and the secondary winding is also 1 turn. Additionally, each winding
has a center-tap which allows a usage in differential applications. Fig. shows the two
winding structures of transformers, XFMR-I and XFMR-II, used in this design. The trans-
formers are fabricated in 0.13-um 1P8M CMOS process. In this process, the metal layers
consist of copper (Cu), embedded in the oxide which have an equivalent relative permit-

tivity €. of 4.2. Fig. illustrates the cross-section view from the CMOS technology,
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and Fig. 3.3 depicts the metal structure of XFMR-I and XFMR-II. The drawing parame-
ters of the XFMR-I, shown in Fig. are with R = 80um, W = 9um, S = 3um.
The number of turn is 2. Both the primary and secondary windings have center-tap point
connections. In addition, the drawing parameters of the XFMR-II, shown in Fig.
are with R = 60um, W = 9um, and S = 3um. The number of turn is 2. The primary
winding of the XFMR-II has a center-tap point connection. According to the information
of backend process from the CMOS technology, the electromagnetic (EM) tool Ansoft
HFSS™™ [[165] is used to evaluate and extract the characteristics of the on-chip octagonal
transformers.

The two on-chip transformers XFMR-I and XFMR-II are connected as Fig. [3.4]to eval-
uate their performance. Fig. shows the simulated reflection factors .S, and S5, of
the two port transformers, XFMR-I and XFEMR-1I, where port-1 is related to the primary
side and port-2 is related to the secondary side. Fig.[3.6shows the simulated transmission
factor .S, of XFMR-I and XFMR-II. In'Fig.[3.5] and Fig.[3.6] the center-tap on each side
is left open.

Fig. presents the self-inductance of XFMR-I and XFMR-II as a function of fre-

quency. The self-inductances are derived from the impedance parameters by
S{Zu}

3.1)

LP,self =

S{Z»}

3.2)

LS,self =

where Lpg.r and Lg . represent the self-inductance of the primary and of the secondary
winding respectively. Z;; and Z,, are the input impedances when output is open. More-
over, the simulated coupling-coefficient k ps and quality factor Q of XFMR-I and XFMR-I1
as a function of frequency is depicted in Fig. [3.8] The coefficient denotes the strength of
magnetic coupling between the primary and secondary winding and can be expressed by
the mutual inductance M and self-inductances, Lpr and Lg s, Of the windings as the
following.

M
kpg = —— (3.3)

V LP,self LS, self

The mutual inductance M is extracted from the impedance and admittance parameters as

Z
M = \/(Yl_ll ~Zn) w—f (3.4)
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Figure 3.1 The winding scheme of (a) XFMR-I, and (b) XFMR-II.
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(b)

Figure 3.3 The metal structure of (a) XFMR-I, and (b) XFMR-II.
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Figure 3.4 The circuit connections of the transformer to be tested. (a) XFMR-I, and (b)

XFMR-II.
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Figure 3.5 Simulated .S, and S, of (a) XFMR-I, and (b) XFMR-II.
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Figure 3.6 Simulated .S,; of (a) XFMR-I, and (b) XFMR-II.
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Figure 3.7 Simulated self-inductance of primary and secondary windings Lps and
L s of (a) XFMR-I, and (b) XFMR-II.
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Figure 3.8 Simulated coupling-coefficient k ps and quality factor Q of (a) XFMR-I, and

(b) XFMR-IL.
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where Y}, (or Y,,) is the input admittance at primary (or secondary) side when output is

short. From (3.1])—(3.4) it follows

(Yi' = 2Zn) Zn
kpe = 3.5
rs \/%{Zu}%{zzz} 33)

Note that the coupling coefficient k ps has its minimum value at the self-resonant fre-
quency. Beyond the self-resonant frequency, kpgs grows over than a value of 1. However,
it is not physically possible because the coupling in a passive system is limited to a max-
imum value of 1. In addition, such a behavior can be explained taking (3.5]) into consid-
eration as the relation is validated to frequencies below resonant frequency. The quality
factor of the transformer is extracted from the impedance or admittance parameters as
S{Zu) |
—SR { le} output open
(¥R

= —_loutput short (36)
R{Y;,'}

0O =

The afore-mentioned on-chip transformers are applied to the design of double-balanced

current-mode up-conversion mixer in the following section.

3.2 Operational Principles

The block diagram of the proposed current-mode CMOS current-mode direct-conversion
transmitter front-end is shown in Fig.[3.9] The transmitter is composed of a current-mode
double-balanced up-conversion mixer, a baseband current buffer/repeater, a VCO, and a
VCO buffer/repeater. The single-ended IF input current signal i,/ is transformed into dif-
ferential IF current signals i;7, and i;s_ by the off-chip transformer. The baseband current
buffer/repeater will output the differential IF current signals into two-pair differential sig-
nals irq 1, lif—1, lif+0, and i;p_p where i;ry 1 = ijp40 and i;p_; = i;s_5. The integrated
VCO provides LO signals for up-conversion mixer. The differential transformer-based
VCO buffer/repeater not only enhances the isolation between the VCO and mixer, but
also provides the two-pair differential LO signals ij,4 1, ijo—15 ij0+.2, and ij,_ » for the mixer

where i,y 1 = ijp+2 and ijp—; = ij,—». Through the current-mode mixer, the signals at
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baseband frequency are directly up-converted to the RF frequency by mixing with LO
current signals. The double-balanced up-conversion mixer finally sends out the RF cur-

rent signal i, ; to the following power amplifier.

The detailed operational principles and circuit designs of the current-squaring circuit,
current-mode double-balanced up-conversion mixer, VCO, and transformer-based VCO
buffer/repeater, and baseband current amplifier/repeater are described in the following

sections.

3.3 Circuit Designs

3.3.1 Current-Mode Up-Conversion Mixer

The core of the proposed current=mode double-balanced up-conversion mixer is com-
posed of four analog current-squaring circuits, as shown in Fig. which are originally
modified from [161], [162]. The transistors M;—M, are biased in the saturation region.
The bulk and source of M, and M, are separated to reduce the parasitic capacitances at
the nodes N, and N,. Lower signal loss is achieved due to smaller parasitic capacitances
appeared at nodes Ny and N,. With the resistor R; (R;), the impedance of the path from
the node N; (N,) to ground through the source-to-bulk parasitic capacitance of M, (M,)

is increased. Hence, the signal loss to ground is further reduced.

The current-squaring circuit is further improved by adding the transistor M, which
acts as a current buffer and keeps the Vps of M3 the same as the Vpg of M in order
to alleviate the channel length modulation effect between M; and M5. The current i; is
multiplied by the current-mirror circuit formed by M, and M3, where the aspect ratio of
M3 (M) is N times that of M, (M,). The sum of the gate-to-source voltages of M, and
M, is kept constant and equal to Vpp, where Vpp = (vosm, + Vas.m,). Suppose that the
respective threshold voltages of M, and M, are (V;, — AVry) and (V;, + AVyy) where
Vih = Vinmy + Vinrn,)/2 and AVry = (Vipm, — Vinm, ) /2, and based on the square-law

drain current equation for simplicity, the relationship among i, io, Vs m,» and vgs am, 18
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Figure 3.9 Block diagram of the proposed current-mode transmitter front-end.
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Figure 3.10 Circuit diagram of current-squaring circuit.
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expressed as

V iin
VGesM, = <% - AVTH> + W (3.7)
knf (Vop — 2Viy)
V; iin
VGsM, = (% - AVTH) - W (3.8)
knf (Vop — 2Viy)
io=Nxij =N i flm gy (3.9)
= X = X —_— .
fo s 161, 2 ®
1. W
Ig = gknf (Vop — 2Vth)2 (3.10)

where V;, is the threshold voltage, W/ L is the channel width to channel length ratio of
the MOS devices, and k, = u,C,, is the zero vertical-field mobility u, multiplied by the
oxide capacitance per unit area C,,.. From the first term of (3.9), the current-squaring
function is realized. The second.and third terms of (3.9) are unwanted components and
are to be removed. With the input i;, = I pcosmipt + I;rcosw;rt, the output ip of the

proposed square circuits can be derived as

o~ N I, (1 %cos2wrot) + I; (1 + cos 2w 1)
o = 3215,
N x I101;F[cos(wro+ @wrp)t+cos(wro — wrF) 1]
1615
I t+1 t
N x rocoswro [F COS@rFt) + NIp (3.11)

2

Shown in Fig.[3.11]is the proposed current-mode double-balanced up-conversion mixer
which consists of four current-squaring circuits and an on-chip octagonal transformer.
Four signal inputs of this mixer are ij,1 = (ijo1,1+if+.,1)s linz = (o 1+iif—1)5 lin3 = (1o 2+
iif—2)s and ijg = (ijp—2 + iip42). Tig+1, bif—1, lig+2, and i;y_, are two-pair IF current sig-
nals where i1 = ijpp0 = iipy = Irpcoswrpt and i;p_ = ijp_n = ijy- = —IpCOS@[FL.
Furthermore, i;o1.1, ijo—.1, i10+2 and ij,_ , are two-pair differential LO current signals where
ljo41 = ljor2 = bjor = Ipocoswpot and ijo_ 1 = ijp—» = ij,- = —Ipcoswpt. The summa-
tion of IF and LO current signals is performed by directly connecting the wires of LO and

IF together without additional power dissipations.
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As shown in (3.12)-(3.18), with the differential LO and IF signals, the LO and IF
leakages which result from the second term of can be eliminated at the output of the
proposed current-mode mixer if the output currents ip; ip4 Of the four current-squaring
circuits are summed together as ipp = (ip1 +ip2) and ipy = (ip3 +ip4). The summations
of these current signals are performed using wire connections. In addition, as shown
in (3.19), the even-order harmonics resulted from squaring terms of LO and IF current

signals are eliminated through the subtraction of ipp and ipy,.

iim1 = (Upocoswyot + Irpcoswyrpt) (3.12)

iin2 = (—ILoCOSC()Lot - I]FCOSC()IFI) (313)

iin3 = (IL()COSC()Lot —2 I[FCOSC()[Ft) (314)

i,'n4 = (—IL()COSQ)Lot + I[FCOSG)]Ft) (315)
iop = loi1+io

.2 . .2 .
Ly Linl Lim Lin
= N e - +1
X [(1613 2 T B>+<1613+ 2 T B)]

1
= Ipc+ N X 16—1 (IiO cos2wot + I%F cos Za)th)
B

ILOIIF

+N x [COS (wLO +a)[F)t+COS (OOLO —(1)[1:) t] (316)

B

iom = lo3+ios

) . .2 .
lin3 lin3 lin4 lipg
= N x +—=—+1Ip |+ +—=—+1
[(1613 2 B) (1613 2 B)]

1
= Ipc+ N x Ter. (I;5c082wyot + I}, cos 2w rt)
B

ILOIIF

—N x

[cos (wro + wrp)t+ cos(wro — wrr) t] (3.17)
B
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(I7o + Iir)
Ipc =N 21 - 3.18
DC X [ B+ 161, ( )
NliI;ol
iop —lom = % [cos (wro + @wiF)t+ cos(wro — wrF) t] (3.19)
B

Some circuits that deal with current subtraction have already been reported in [162]
and [167]]. As shown in Fig. [162], the current-mirror circuit is adopted to deal
with subtraction of current signals. The two current signals I, and I, that are to be sub-
tracted flows through two imbalanced paths. The two imbalanced paths will result in gain
and phase differences. Additional poles from the current mirror will lead to loss of current
signals in high frequency. Furthermore, higher voltage headroom and additional power
are required for this subtraction circuit of current signals. As shown in Fig. [167],
another subtraction circuit of current signals by LC phase-shift network is adopted. This
circuit can perform good subtraction, but only at the resonant frequency. No additional
power consumption is required; and this circuit avoids excessive voltage drop. When deal-
ing with signals with wide bandwidth, the LC phase-shift network will not be suitable.

In this design shown in Fig.[3.T1] the on-chip passive transformer X F M R, is adopted
for high-frequency and wide-bandwidth subtraction of current signals. The use of X F M R,
avoids the excessive voltage drop, and no additional power consumption is required. This
also ensures that the proposed current-mode double-balanced up-conversion mixer oper-
ates well at a low power supply. From (3.9) and with the four inputs of the mixer, the
resultant RF output current i, ; = # x (ipp — iom) can be derived as

NlIol
iy = % [cos(@10 + @1 7)t + cos(@10 — @17)1] (3.20)
B
where 7 represents the losses from the on-chip transformer X FM R, and the output
impedance matching network. From (3.20)), it can be seen that the function of mixer is
realized. With the exclusion of the loss #, the intrinsic current conversion gain CGjyipsic
of the proposed current-mode double-balanced up-conversion mixer is expressed as

(iOP - ZOM) |w=(wLo+w1p)Om):(wLo—w]p)

CGintrinsic R

2’(iif+ _iif,) |a):a)1F
Nlio
= 3.21
161p ( )
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Figure 3.12 Schematic diagram of the subtraction of current signals by (a) current mirror
circuits [162], (b) LC phase-shift network [167].
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As can be seen from (3.21)), the CGpingic is proportional to the magnitude of the LO
current I; 0.

In the advanced deep sub-micron CMOS technologies, the relationship between the
drain current i ps and the gate overdrive voltage voy = (vgs— Vi) of CMOS devices in the
saturation region is not exactly square due to short channel effects, and the drain current

ips 1s approximated as [[163]], [[164]

2

. 1 w Hn VOV
ips &~ —k,— 1+ Av 3.22
ps X Sk T oS o ( Ds) (3.22)
1+
EcL

where Ec¢ is the critical value of the horizontal electric field, € is inversely proportional
to the oxide thickness, and the coefficient A models the effect of the channel length mod-
ulation which is related to vpg. From the simulation under the supply voltage of 1V, the
threshold voltages of M| and M, are about 420 mV and 500 mV, and the gate-to-source
voltages of M| and M, are about455 mV and 545 mV, respectively. Hence, the gate over-
drive voltages of M| and M, are small enough such that vo,<60~! and voy<<EcL. The
drain current i ps is further simplified approximately as the following equation to analyze
the second-order effects of the proposed current-mode double-balanced up-conversion
mixer.

1 W
ips & Ek,,fvfw (1 + Avps) (3.23)

Although both M; and M, are with the same device size and are diode-connected,
the drain-to-source voltages of M| and M, are different due to the fact that the latter
suffers from body effect. As a result, the channel length modulation effect should be
considered. From Fig. Vop = (Vpsm, + vpsa,)- I8 = (Vpsm, — Vpsar,)/2 is
assumed, vpsa, = (Vpp —26)/2 and vpsp, = (Vpp + 26)/2. After some derivations,

the expression i in (3.9) is modified and expressed as

lin lin
iO,short ~ N x <){l 161 + ){2? + XSIB> (324)
B

where

B 2(2+ AVpp — 646)

- 24+ AVpp)(2+ AVpp — 4A6) +246(2 + AVpp + 246)
22+ AVpp)2 + AVpp —448) — (2 + AVpp — 215)?

= 3.26
= 2 F AWVon) 2+ AWVop — 448) + 2462+ AVpp + 248) (3.26)

X1 (3.25)




86CHAPTER 3. LOW-POWER CURRENT-MODE K-BAND TRANSMITTER FRONT-END ICS

B 24+ AVpp)2+ AVpp +246)(2+ AVpp — 446)
T 202+ AVpp)(2 4+ AVpp — 448) + 24812 + AVpp + 246)]
Note that y; and y, are less than 1, whereas y3 is greater than 1. As Vpp = 1V,

Ax0.77V 7!, and 6~45mV, y,~0.68, y»~0.97, and y3~1.38. Furthermore, the above

X2 (3.27)

derivations only consider body effect and channel length modulation effect, and the rest
of short channel effects are ignored under the design condition of small voy of M| and
M. The detailed derivations of (3.24)—(3.27)) are shown in Appendix

Moreover, even if the drain-to-source voltage differences of M; and M, are the same,

the channel-length modulation still has effects on the proposed squaring circuit. In this
case where 6 = 0 and 4#£0, (3.24)) is simplified to

lin Lin
i0short & N x <71 161, + > + 7213> (3.28)

where :

AV .
v = <1 + DD) (3.29)

2
AV

vy = (1 + 2”) (3.30)

Note that y; is less than 1, whereas y, is greater than 1.

From the above derivations (3:21), (3.24) and (3.25)), the CGiuyinsic With the body
effect and channel length modulation effect can be further expressed as

NlI;o

CYC;in rinsic ~
t X1 1615

(3.31)

This indicates that the current conversion gain of the proposed mixer with short-channel
devices is less than that with long-channel devices. Besides, the parameter A that models
channel length modulation has a significant effect on CG;insic-

Under the simulated conditions of the IF Frequency at 200 MHz and the LO frequency
at 24 GHz, the relationship among the simulated CG,;,,sic, the equivalent calculated input
LO power Pro rn, and the amplitude of the differential LO current signal ig;ifr—join =
2% (ijo+ —ijo-) is depicted in Fig.[3.13] It can be seen that the simulated CG/yinsic is higher
than O dB if the amplitude of iy ¢ r_i 15 greater than 1.5 mA or Py ;n 1s greater than —8.2
dBm. Fig.[3.14]is the relationship between the simulated CG/yyinsic and the amplitude of
differential IF current signal ig; s r—; pin = 2% (i;p+—i;r—). When the amplitude of ig;  r—jpin 15
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Figure 3.13 The relation among simulated CGyinsic, the equivalent Pro ;n, and the
amplitude of the differential LO«current-signal igi s s—oin-

equal to 1 mA where the equivalent Py o jy 18 equal to —11.7 dBm, the simulated CGj,;yipsic
is —2.3 dB and the 1-dB compression point of intrinsic current conversion gain (Cpj4p) 1S —
0.9 dBmA. As the amplitude of iy s s~ in 18 increased to 3 mA where the equivalent Pro jn
is equal to —2.9 dBm, the simulated CG,;;nsic achieves 5.0 dB and the Cp;4p equals 1.8
dBmA.

The operating frequency of the proposed current-mode mixer can be altered by varying
the control voltage Vr; in order to change the capacitance values of N+/N-well varactors
C, and G,. The output matching network of the proposed mixer formed by C;, Cp4p, and

L, is designed to match 502 for the purpose of measurement.

3.3.2 Voltage-Controlled Oscillator

The cross-coupled VCO is illustrated in Fig. [3.15] The inductor L, is realized by on-
chip center-tapped octagonal symmetric inductor and the N+/N-well varactors C, and Cs.
The cross-coupled transistors Mg and M, provide negative transconductances to cancel

the parasitic resistances of the inductor and varactors to guarantee oscillation. The values
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Figure 3.14 The relation between simulated CGi5ic and the amplitude of the differ-
ential IF current signal ig s int

of varactors are tuned by varying the control voltage V75 to obtain the desired oscillation
frequency.

Fig.[3.16depicts the simulated tuning curve of the proposed VCO. The designed VCO
can be tuned from 25 GHz to 27.5 GHz as the control voltage V7 is varied from 0 V to 2
V. The operating frequency of VCO is over-designed to overcome the process variations.
Shown in Fig.[3.17]is the simulated result of phase noise of the designed VCO. The phase
noise is —117 dBc/Hz at 10-MHz offset from the LO frequency of 26 GHz with the Vr, of
1 V. The simulated power dissipation of the VCO is 3.89 mW from the supply voltage of
1V

3.3.3 Transformer-Based VCO Buffer/Repeater

The circuit diagram of transformer-based VCO buffer/repeater is shown in Fig. [3.1§]
which is realized by a fully differential amplifier with the loads of two transformers
XFMR, and X FM R; in parallel and two N+/N-well varactors Cg and C;. Mg-M

are biased in the saturation region. Mg with long channel length is operated as a current
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Figure 3.18  Circuit diagram of transformer-based VCO buffer/repeater.
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source and provides the capability for common-mode rejection. Cg-Cy; are dc block-
ing capacitors. The operating frequency of transformer-based VCO buffer/repeater is de-
signed to track with the LO frequency by varying the control voltage of V3. As a result
of the magnetic coupling of the transformers, four LO output currents i,y 1, ijo—.15 i10+.25
and i;,_, are provided, where ij, | = ijp+p and ijp_ 1 = ij— 5.

Compared with generating the two differential LO current signals i;,; and i,,, by
active current mirrors with the technique of series inductive peaking to extend the band-
width, the proposed circuit has the advantage of lower power consumption and smaller
phase and magnitude differences between the two differential LO current signals i;,; and

i10.2, but at the cost of moderate increase of chip area.

3.3.4 Baseband Current Buffer/Repeater

Shown in Fig. is the fully balanced differential baseband current buffer/repeater
which is based on current-mirror circuit. The input current signal i; 7,4 (i;7in—) 1S copied to
two identical output current signals i;74 1 (ijp—1) and i; s (i;r—2). M1,—M 6 are biased in
the saturation region. Both M7 and Mg are diode-connected to provide bias voltage Vp;
for M4,—M . Cy; is the dc blocking capacitor. Ci3 is the bypass capacitor used to keep
V3 stable. Transistors M;—M¢ should be laid out carefully to minimize the number of

possible mismatches of the two-pair differential baseband current signals.

3.3.5 Integrated Current-Mode Transmitter Front-End

The detailed connections of the proposed integrated current-mode transmitter front-
end circuits are illustrated in Fig. [3.20] Table 4.1 shows the design parameters of the
proposed current-mode double-balanced up-conversion mixer. Table 4.2 shows the design
parameters of VCO and transformer-based VCO buffer/repeater. Table 4.3 shows the
design parameters of baseband current buffer/repeater.

The performance of the proposed integrated CMOS current-mode transmitter front-
end is verified by Cadence SpectreRF, Agilent ADS, and Ansoft Designer/Nexxim. Fig.
shows the simulated matching characteristics of IF port and RF port. The linearity is veri-

fied by Harmonic Balance analysis. Fig. depicts the two-tone simulation results with
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Baseband current buffer/repeater

_________________________________________________________________________

i MlS}jI_ |HM14|_‘HM15|_”‘—JM16 .
i M M b it
! Vv o1i —
i Cn J‘ M, I_ > T 0
i JTZ e /T OZEF_D
D_'?lN | M, A 'ELMH 'ELMB b2
i—» : C12 i
ifins \ e e — .
P ittt ittt ettt ittt it inininteleieaei it if=1
T2 . —
i o1
o—04 Baseband current buffer/repeater !
y 02 —D
------------------------------------------------------------------------- —>
Iif—,2
Figure 3.19  Circuit diagram of baseband current buffer/repeater.
Table 3.1

DEVICE PARAMETERS OF THE PROPOSED CURRENT-MODE DOUBLE-
BALANCED UP-CONVERSION MIXER

Current-Squaring Circuit

Ml,Mz 6/1111/013 HIN

M;, M4 48 ym/0.13 ym

Ry, R, 2kQ

Load and output matching network

C,, G W =1 pym, L= 0.3 ym, finger = 36
(N+/N-Well varactors)

C; 20 fF

CPAD 20 fF

L, 488 pH

XFMR, Rad =60 ym, W =9 ym, S =3 ym
(XFMR Type-II)




93

3.3. CIRCUIT DESIGNS

JaXIN UOISIaAU0D-dN N
.muo_\/_..Em.‘::o m == unoxo Burenbs-juaiIng ¥ 10 NI
: ‘_o O 0 12 191eaday/iayng
Ami__._.w __VHE__ AH 4T __VHNC__ m Yy _llvnm__\/_ H_\ﬂ_ TR IR
AN,L__ n N;é__vn el Adi__ +H,+o__vH iy w _ _
]
T
[}
stomian Buiyarepy ndino (7O1+ £°1) =1 4 ‘N N_
'S peoT pauny Amo_ n Ho_v _ doj N “
/ S (i L1
_ s 19 oy AT
= dNdX L, L R
X In

1n2119 Burrenbs-iusain)d

1UNnaa1D Burrenbs-uaain)d

o<n_ul_| mUl_l m WS\WMA HU No_”vv
: &

> > 1noa1D Buraenbs-1usain)

® OOA

Jereadey/daing ODA

Figure 3.20 Detailed connections of the proposed integrated current-mode transmitter

front-end circuits.
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Table 3.2
DEVICE PARAMETERS OF VCO AND TRANSFORMER-BASED VCO
BUFFER/REPEATER
vVCO
Ms 192 ym /0.35 ym
Mg, M, 60 yum /0.13 ym
Cy, Cs W = lum, L= 0.3um, finger = 36
(N+/N-Well varactors)
L, 210 pH
Transformer-based VCO buffer/repeater
My 120 yum / 0.26 ym
M9, MIO 30 ,um/013 HIN
Ce, C; W =1 ym, L= 0.3 ym, finger = 36
(N+/N-Well varactors)
XFMR,;, XFMR; Rad =80 gm, W =9 ym, S =3 um
(XFMR Type-I)
Table 3.3

DEVICE PARAMETERS OF BASEBAND CURRENT BUFFER/REPEATER

Baseband current buffer/repeater
Mo, M3 96 yum /0.13 ym
My, 96 um/0.13 ym
Ms, M6 192 ym/0.13 ym
Mg 12 um /0.13 ym
Ciz > 30 pF
Ci3 > 10 pF
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Figure 3.21 Simulated linearity performance of the proposed current-mode transmitter
front-end.

a conversion power gain of 1.3 dB, an I P_;3 of —22 dBm, a P;;p; of —-8.75 dBm, and
a Porps of —7.44 dBm. Fig. shows the transient simulation results with two input
baseband signals at 400 MHz and 500 MHz of which the signal level is —20 dBm and the
LO signal at 26 GHz. The simulated average single-sideband (SSB) noise figure (N F) of
the proposed current-mode transmitter front-end is about 9 dB. Generally, the noise figure
is not an important design parameter for a transmitter design due to high signal-to-noise
ratio (SNR) of determinable baseband signal.

From the supply voltage of 1 V, the total power dissipation of the whole circuits
is 15.4 mW, where the power consumptions of the current-mode double-balanced up-
conversion mixer, VCO, transformer-based VCO buffer/repeater, and baseband current
buffer/repeater are 3.89 mW, 3.23 mW, 4.67 mW, and 3.58 mW, respectively.
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Figure 3.22 Simulated matching characteristics of (a) IF port, and (b) RF port.
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Figure 3.23 Transient simulation tesults of the proposed current-mode transmitter front-
end.

3.4 Experimental Results

The proposed current-mode transmitter front-end circuit is fabricated in 0.13-ym 1P8M
triple-well CMOS process. As shown in Fig. it illustrates the cross-section view of
the backend process. The top metal is with the material of Cu, and is with the thickness
of 3.35 um. The height of the oxide evaluated from the surface of p-type silicon substrate
to the bottom of the top metal-8 is about 7.445 ym. The equivalent relative permittivity
Ecry 18 about 4.2. The 3-D EM tool Ansoft HFSS is used to evaluate and extract the on-
chip octagonal transformers before the circuit designs. Furthermore, HFSS is also used to

extract the parasitic effects of the layout to perform the post-simulation.

The chip microphotograph is shown in Fig. [3.24] The distance among each inductor
and transformer is more than 100 ym in order to mitigate the magnetic coupling. Be-
sides, large on-chip decoupling capacitors are placed between each bias/power supply
and ground to reduce the occurrence of high-frequency noises and to obtain stable biases
and supplies of the mixer. The differential signal paths are drawn as symmetric as possi-

ble to reduce the mismatches. The chip area of this current-mode transmitter front-end is
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Figure 3.24  Chip microphotograph of the proposed integrated current-mode transmitter
front-end.

1.5 x 1.1 mm? including testing pads.

The measured environment setups of the fabricated transmitter are described as fol-
lows. On-wafer probing measurement is adopted to verify the performance of the pro-
posed current-mode transmitter front-end. One GSG RF probe with the pitch of 100
um, one GSGSG RF probe with the pitch of 100 ym, and two 6-pin dc probes with the
pitch of 150 um are applied to probe the testing pads. As shown in Fig. the S-
parameters are measured to analyze the matching characteristics of baseband input port
and RF output port by the network analyzer, Agilent E§364B, which can characterize the
S-parameter performance from 10 MHz to 50 GHz. To measure conversion power gain
and linearity, two signal generators Agilent E8257D are used to provide two baseband

signals for the DUT. The LO signals are generated by the on-chip VCO. The spectrum an-
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alyzer Agilent E4448A is used to monitor the spectrum to verify the linearity and conver-
sion power gain of the proposed transmitter. The measurement environment is illustrated
in Fig. [3.25(b)] Furthermore, the characteristics of the on-chip VCO is also measured
and analyzed through the spectrum analyzer. The noise figure of the transmitter is mea-
sured by the spectrum analyzer Agilent E4448A embedded with noise figure option. The

broadband noise source of Agilent 346CKO1 is used. The measurement environment is

illustrated in Fig.

The measured tuning curve of the integrated VCO is shown in Fig. [3.26] The on-chip
VCO provides the frequency of the LO signal from 20.8 GHz to 22.7 GHz as the control
voltage V7, is varied from O V to 2 V. The measured phase noise is —108 dBc/Hz at 10-
MHz frequency offset from 22.7 GHz. The measured matching characteristics of the IF
input and RF output port are shown in Fig. The return loss of the IF input port is
below —20 dB within the frequency range from 170 MHz to 1.2 GHz. The return loss of the
RF output port is below —10 dB.within the frequency range from 21.2 GHz to 22.8 GHz.
Under the 1-V supply voltage, the proposed current-mode double-balanced up-conversion
mixer dissipates a very small amount of power of 3.1 mW. The VCO, transformer-based
VCO buffer/repeater, and baseband current buffer/repeater circuits dissipate 2.2 mW, 3.3
mW, and 3.1 mW, respectively. The total power dissipation of the integrated current-mode

transmitter front-end is only 11.7 mW.

Before verifying the linearity performance of the proposed current-mode transmit-
ter front-end, the losses from the RF cables, probes, adaptors, 180° phase shifter, and
power combiner are measured. These sources of losses in the measuring environment are
compensated when analyzing the measurement data. The measured and post-simulated
conversion power gains versus the IF input powers are shown in Fig. [3.28] In the mea-
surement, the IF frequency is at 200 MHz, and the LO frequency is at 20.8 GHz where V7,
is equal to O V. The double-sideband RF outputs are observed at the frequencies of 21 GHz
(upper sideband, USB) and 20.6 GHz (lower sideband, LSB). The measured conversion
power gain is about —5 dB where the losses from on-chip transformer and output matching
network are included. The measured input 1-dB compression point (I P_;,5) and output
1-dB compression point (O P_y,5) are —22 dBm and —28 dBm, respectively. Furthermore,

the average single sideband (SSB) noise figure of the transmitter front-end is around 12.7
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Figure 3.25 The environment setup of (a) S-parameter measurement, (b) linearity mea-
surement, and (c) noise figure measurement.
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Figure 3.26 Measured tuning range of VCO.
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Figure 3.28 Measured and post-simulated power conversion gain versus IF input power
from one-tone testing result.

dB. The LO suppression of the proposed current-mode transmitter front-end is only 16
dB.

The performance of intermodulation is measured by two-tone testing. Two IF inputs
with the same signal power level are at the frequencies of 150 MHz and 250 MHz. The
LO frequency is also tuned to 20.8 GHz where V7, is equal to 0 V. The measured results
under these conditions are represented in Fig. It reveals that the proposed mixer has
the measured input 3"?-order intermodulation intercept point ( P;;p3) and output 3rd-order
intermodulation intercept point (Pp;p3) of about —9.6 dBm and —14.6 dBm, respectively.

As the LO frequency is increased, the measured power conversion gain decreases
because of the reduced output magnitude of the VCO at the higher frequency and therefore
the reduced LO current signal. As shown in Fig. [3.30] the measured conversion gain of
the mixer is degraded from —5 dB to —14 dB as the LO frequency is increased from 20.8
GHz to 22.7 GHz.

As shown in Fig. the measured conversion power gain is =5 dB which is close to
the simulated results in the process corner SS. The gain is about 5 dB smaller than the sim-

ulated results in the process corner TT. It is because the process variations make the bias
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Figure 3.29 Measured 3"“<order intermodulation from two-tone testing result.
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Figure 3.31 Measured LO leakage versus IF input power P, gy at the RF output port

current of the on-chip VCO smaller and therefore the g, of M¢ and M decreases. This
results in a smaller equivalent negative resistance. Hence, the output magnitude of the
VCO becomes smaller than the predicted one. This results in smaller LO current signals
being generated through the transformer-based VCO buffer/repeater. According to the
discussion in Fig. [3.13] the CGyyinsic is degraded when the LO input current magnitude
or equivalent LO signal power decreases.

The performance of the proposed mixer is given in Table 4.4 and Table 4.5, along with
comparisons with previously published CMOS up-conversion mixers [S8]-[60], [133],
[134], [153]], [168], [169]. As can be seen from Table 4.1 and Table 4.5, the proposed
CMOS current-mode up-conversion mixer has the advantage of a very low power con-
sumption of 3.1 mW from a 1-V power supply, which is much smaller than other pub-
lished CMOS up-conversion mixers [133]], [134]], [153]]. Compared to the CMOS Gilbert
mixer in [134]] and the dual-gate mixer in [133], the proposed current-mode mixer can
be operated in lower supply voltage. Another advantage is that the proposed mixer re-

quires small equivalent LO signal power of —2.9 dBm to achieve simulated CGj,;pnsic Of
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5 dB, which is about 6 dB smaller than other CMOS voltage-mode up-conversion mixers
in [133]], [134]]. The proposed current-mode up-conversion mixer has smaller power con-
sumption as compared to the Gilbert-mixer in [S8[]-[60], which dissipates 34.5 mW where
9.5 mW for converting baseband signals to 4.8 GHz and 25 mW for converting the signals
at 4.8 GHz to 24 GHz from 2.5-V supply. As compared to other Gilbert mixers operated
at 20 GHz [168] and 17 GHz [169], this current-mode mixer also has much smaller power

consumptions.

3.5 Summary

The current-mode design technique of CMOS RFICs has been developed and applied
to the design of the first K-band CMOS current-mode up-conversion mixer. Furthermore,
the proposed current-mode mixer is integrated with an on-chip VCO, a baseband current
buffer/repeater, and a transformer-based VCO buffer/repeater to realize a current-mode
transmitter front-end in the frequency of K-band. This current-mode transmitter has been
designed and fabricated in 0.13-ym 1P8M triple-well CMOS process. From the exper-
imental results, we observe that the proposed current-mode up-conversion mixer has a
very low power consumption of 3.1 mW under the low power supply of 1 V. In addi-
tion, smaller LO signal power is required. The integrated VCO provides LO frequency
from 20.8 GHz to 22.7 GHz. In addition, the total power consumption of the integrated
current-mode transmitter is only 11.7 mW which is very small as compared to previously
published CMOS transmitter front-end. The results achieved demonstrate that the pro-
posed current-mode mixer offers great potential for the application in low-voltage and

low-power CMOS transmitter front-ends in advanced nano-CMOS technologies.
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Table 3.5
PERFORMANCE COMPARISON WITH PREVIOUSLY PUBLISHED CMOS TRANSMIT-
TER FRONT-END OPERATED AROUND 20 GHz

This work [58]-[60] [169]
Technology 0.13-ym 1P8M | 0.18-yum CMOS | 0.13-xm CMOS
CMOS in BICMOS
Supply [V] 1 25 1.5
Freqrr [GHz] 20.8~22.7 24 16.6~19.6
Freqro [GHz] 20.8~22.7 T - -
Freqr [GHz] 0:2 - -
Gain [dB] —5~-14 - 4 =
IP—ldB [dBm] -22 — -
OP_ ;3 [dBm] -28 - 42 H
Py;p3 [dBm] -9.6 — -
POIP3 [dBm] -14.6 > 13 H
Total power [mW] 11.7 345 ¢ 93
Area [mm?] 1.65 Tt - 0.5 *
Mixer configuration Current-mode Gilbert Gilbert

" The measured tuning frequency of the integrated on-chip VCO.

T This denotes whole chip area. The area of mixer itself is 0.18 mm?.
* Two-step up-conversion configuration.

# QOutput buffer is included.



Chapter 4

45-nm CMOS K-Band LNA With
High-O Above-IC Inductors

The LNA is a key building:block of the receiver front-end. The aim of this chapter
is to introduce the design of :K-band CMOS LNAs. Two LNAs which are one-stage
cascode and two-stage cascaded cascode configurations are designed and implemented by
IMEC 45-nm 1P5M planar bulk-CMOS technology with:high-Q above-IC inductors. The
high-Q above-IC inductors are implemented through the IMEC Wafer-Level Packaging
(WLP) technology, which consists of a 5-um thick electroplated copper layer on an 18-ym
low-k dielectric of Benzo-Cyclo-Buthene (BCB), is post-processed on top of the IMEC’s
45-nm 1P5M bulk-CMOS process. In additions, the transmission-line inductor is also
realized in WLP technology. The presented one-stage cascode LNA has been published
in [170], [171].

In the design LNA, the cascode topology is chosen because of its better isolation, im-
proved bandwidth, and higher gain than common gate or common source topology. The
source degenerative inductor is also used to provide the real part of the input impedance
for the input matching. By using the cascode topology with source degenerative induc-
tor, the LNA can be simultaneously noise- and input-impedance matched. The output of
the LNA is loaded with an inductive load to provide parallel resonance with the output
parasitic capacitance and increase the gain at the design frequency. With the mentioned

advantage of cascode topology, there are two LNAs are realized where they are a one-

109
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stage cascode LNA and a two-stage cascaded cascode LNA.

The measurement results of the implemented one-stage cascode LNA show that the
one-stage LNA has a N F of 4 dB, a gain of 7.1 dB, an I P_,; of -9.5 dBm, and a P;;p3
of +2.25 dBm. The center frequency of this LNA is about 23 GHz. The LNA consumes
3.6 mW from 1-V power supply voltage. The Shallow Trench Isolation (STI) P+/N-
well and N+/P-well diodes are implemented between supply/bias and ground for the ESD
protection. With these power-clamp ESD diodes, the LNA has an ESD protection level of
3-kV Human-Body Mode (HBM). This one-stage cascode LNA occupies the active area
of 0.72 x 1.12 mm?. This work has been published in [[170].

In addition, the measurement results of the implemented two-stage cascaded cascode
LNA show that the two-stage LNA has a N F of 4.4 dB, a gain of 11.6 dB, an I P_4p
of —16 dBm, and a P;;p3 of —4.2 dBm. /The center frequency of the two-stage LNA is
about 23.4 GHz. The LNA dissipates 9.3 mW from. 1-V power supply voltage. The
STI P+/N-well and N+/P-well.diodes are implemented between supply/bias and ground
for the ESD protection. With-the power-clamp ESD diode, the LNA also has an ESD
protection level of 3-kV HBM. This two-stage cascaded cascode LNA occupies the active
area of 1.28 x 1.12 mm?. This work has been published in [171].

Compared to other K-band CMOS LNAs, the measurement results show that the im-
plemented one-stage cascode LNA in 45-nm bulk-CMOS with high-Q above-IC inductors
has the highest Figure-of-Merit (FOM). The gain of two-stage cascaded cascode LNA is
smaller than predicted. It may be because that the process variations or inaccurate para-
sitic modeling of the active devices make the two parallel LC network of two-stage LNA
resonate at different frequency. The total gain therefore becomes smaller. Although the
gain of the two-stage LNA is not large enough, the FOM still shows that this LNA have
comparable performance to other CMOS K-band LNAs. It is also demonstrated that the
45-nm planar bulk-CMOS technology has great potential for the design of high perfor-
mance RF circuits. Furthermore, high-Q passive inductors from above-IC technology can
provide great benefit to the RF circuit designs.

This chapter is organized as follows. In Section 4.1} the technology of IMEC is intro-
duced, including 45-nm CMOS process and wafer-level packing technology. The char-

acteristics of planar device and FinFET devices are discussed in this section. The advan-
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tage of the above-IC spiral inductors and transmission-line inductors fabricated through
wafer-level packing technology is illustrated. In Section the circuit designs of LNAs
are described. Simulation results are also given within this section. In Section [4.3] the
layout consideration and experimental results are presented and analyzed to verify the
performance of the proposed 45-nm bulk-CMOS LNA with high-Q above-IC inductors.

Finally, the summary is given in Section 4.4

4.1 45-nm CMOS Technology and Wafer-Level Packag-
ing (WLP)

4.1.1 45-nm CMOS Technology [175]-[182]

Multi-Gate Field Effect Transistor (MuGFET), also known as FinFET or gate wrap-
around FET, is emerging as a strong candidate [ 172]—[174] for nano-CMOS technologies.
Shown in Fig. [175]] is the 3-D drawing of the FinFET device with its important ge-
ometrical parameters. In a FiInFET, the gate wraps around a thin slice of (preferably
un-doped) silicon, also known as a ’fin”, and current flows along the top and side surfaces
of the fin. In Fig. L is the gate length, Hyy, 1s the fin height, and W, is the fin
width. The wrap-around nature of the gate enhances the gate control over the channel,
thus reducing the short-channel effects and leakage currents [|176].

For the IMEC 45-nm planar bulk-CMOS device, as shown in Fig. [[177], Si wafers
with 20 Q- cm p-type are used. The shallow trench isolation is used followed by low
dose, high energy deep Well implants to electrically isolate the devices from each other.
A high-k gate dielectric SiON layer is deposited on top of an interfacial oxide as gate
dielectric. The equivalent gate oxide thickness of 1.4 nm is used. The metal gate with
a thin metal layer of 5-10 nm is deposited for work-function engineering, and covered
by a 100-nm Poly-Si layer on top. For the present experiments, the gates are defined
using 193-nm DUV lithography combined with resist and hard-mask trimming. After
gate-etch, halos are implanted to locally increase the channel doping near the extension
region to suppress short-channel effects, after which Shallow Extensions (SE) are down.

To position the deep source and drain implants (HDDs), spacers are first formed next to
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(b)

Figure 4.1 The 3-D drawing of the FinFET device and the SEM picture of FinFET
device [175].
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Figure 4.2 The SEM picture of the device. Cross-section view of planar bulk metal-gate
transistor [177].
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the gate, at low temperature to avoid any diffusion of the SE and halo implants. A single
spike annealing activates the dopants and removes implantation damage. To lower contact
and sheet resistance, source and drain active areas and the poly area are silicided (NiSi).
For metal-1, single damascene Cu back-end is used with tungsten plugs. For the higher

metal layers, double damascene Cu back-end with oxide dielectric is used [[175], [[177]].

With the scaling of gate length of CMOS devices, the peak f7 and fj 4x should be
strongly improved. However, due to the velocity saturation, the observed increase might
not be as strong as the first-order extrapolations indicate. On top of that, for FinFET
technology, series resistance of the fins and the lower mobility along the sidewalls imposes
a serious limitation at present. Technologies as selective epitaxial growth on top of the
source and drain regions to reduce the series resistance, are proposed to only partially
relieve the problem. A typical example is given in Fig. [175], [[177], comparing fr
of planar bulk NMOS versus FinFETs for different technology nodes. Today, the peak
RF performance of FinFET is inferior to planar bulk CMOS, even for technologies nodes

with larger nominal gate lengths.

For future system-on-chip (SOC) solutions in the advanced deca-nanometer technolo-
gies, not only digital but also analog and RF building blocks with low power consump-
tion is mandatory. Several previous work has analyzed the performance of these devices,
reporting that FinFETSs are attractive for low-power, low-frequency analog and RF ap-
plications [178]—[[186]. For high gate overdrives and high-frequency analog and RF ap-
plications, the planar devices still outperform the FinFETs. It is because FinFETs suffer
from a high series resistance, which degrades the drive current and transconductance.
The impact of the series resistance is amplified at high gate overdrive voltages. As a re-
sult, for high-frequency applications, planar bulk devices are seen to hold the advantage
over FInFETs due to their lower series resistance and high peak transconductance. For
the conventional planar bulk MOSFET, the analog performances does benefit from im-
provements in transconductance as a result of scaling. However, this is accompanied by
a degraded output conductance and voltage gain. FinFETSs, on the other hand, have been
shown to have potential for analog applications. Although 45-nm FinFETs are attractive
for low-power low-frequency analog and RF applications, the 45-nm planar technology

still outperforms the FinFET one for high gate overdrives and high-frequency applications
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by requiring lower power consumption with comparable performance. This is due to the
superior f7 of the planar device in the inversion region. Although analog performance of
FinFETSs probably benefit from scaling, high-frequency RF design in FinFETs still has its
challenges. On the other hand, the FinFET technology benefits from lower parasitics in

the passive elements because of the SOI substrate.

The compact models of 45-nm FinFETs were obtained by an appropriate scaling of
a 65-nm technology. In particular, the 45-nm planar bulk-CMOS device is modeled by
the PSP model, while the FInFET device is modeled by the Philips MM11 model and a
“black-box™ approach is used. In both cases, the RF behavior is reproduced by the adop-
tion of extrinsic elements. Self-heating and threshold voltage hysteresis are not accounted

for.

Since g,, and fr are the key parameters of the LNA. The simulated curves of f and
gn/W versus Ip/W for both planar devices and FinFET devices are shown in Fig.
[182]]. The g,,/W values are very similar for the two devices in sub-threshold or weak in-
version region, featuring a different peak value in the strong inversion region; on the other
hand, substantial differences appear in the f7. The simulated f7 of FinFET device is com-
parable or higher than for planar device at low I,/W" value (i.e. sub-threshold region),
while at high I, /W (i.e. strong inversion) the peak fr of the planar device is much higher
with respect to the FinFET one, reaching values close to 350 GHz [178]],[[179],[182]. The
preliminary measurements performed by IMEC on the technologies based on similar pro-
cesses and featuring similar gate lengths essentially confirm the behavior predicted by the
compact models by the PSP model for planar devices and the MM11 model for FinFET

devices.

From the aforementioned, planar devices are more suitable for designing high-frequency
RF building blocks. The high-frequency RF performance of 45-nm planar bulk-CMOS
transistors is evaluated by a one-stage cascode LNA and a two-stage cascaded cascode
LNA designed at the operating frequency of 24 GHz. The circuit designs will be discussed
in the following section. The passive spiral inductors and microstrip-line inductors have
been designed with a process option of IMEC Wafer-Level Packing (WLP) technology,

which will be introduced in the following section.
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Figure 4.4 Results of the compact model for planar and FinFET 45-nm CMOS devices
(lines) compared with preliminary experimental data for similar processes (symbols). (a)
The cutoff frequency fr versus current density Ip/W for different channel lengths, and

(b) the g,,/W versus Ip/W [182].
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4.1.2 Wafer-Level Packaging (WLP) Technology [116]-[119]

High-Q integrated inductors are important components for modern RFICs. Neverthe-
less, on-chip RF inductors have fairly low-Q factors due to the relatively thin-metal layers
and the close proximity to the lossy silicon substrate. The performance of the inductor
can be improved by using low-k materials and thick Cu metallization. However, thick Cu
is usually not a standard backend-of-line (BEOL) process, and the dielectric in between
inductor and lossy silicon substrate is still relatively thin. Alternative reported options
such as micromachining techniques to remove the lossy substrate underneath the spiral
inductor in a post-processed step, or to create an air gap in between spiral inductor and
substrate using suspended on-chip MEMS inductors [[115] are mechanically less stable

and are not preferred for subsequent packaging process.

In the past, IMEC provides a more attractive and cost-effective solution to realize the
above-IC inductors using thin-film wafer-level packaging (WLP) techniques [[116]-[119].
The inductors are realized above the passivation by using thin-film post-processing tech-
niques. Thin-film technology offers the advantage of high precision, low temperature,
and low cost. When applied above IC, thin-film WLP technology offers novel opportu-
nities to the functionality of ICs, besides the redistribution of bonding pads, as the added
metallization may be used for the integration of high-Q on-chip inductors and low-loss in-
terconnects. Furthermore, IMEC has demonstrated that a measured Q-factor above 40 at
4.7 GHz for a 1.8 nH inductor with a resonance frequency of 28 GHz. The ultra low-loss
transmission lines with insertion loss lower than 0.3 dB/mm at 100 GHz has also been

proposed in the thin-film WLP technology.

The WLP technology is performed on top of IMEC’s 45-nm RF CMOS process where
a p-type 20-€2- cm Si substrate with a five levels of metal Cu/oxide BEOL is used. The
BEOL Cu layer (Metal-1 to Metal-5, with Metal-5 being the top metal layer) has a thick-
ness of 625 nm, and an inter-metal level dielectric of 475 nm. Thereby, a space between
the passivation and the substrate is about 6.1 ym. The high-Q above-IC inductors and mi-
crostrip lines by WLP technology, which consists of a 5-um thick electroplated Cu layer
of WLP-M1 on an 18-um low-k dielectric (k = 2.65) of Benzo-Cyclo-Buthene (BCB),

are realized and post-processed above the BEOL passivation. Overpasses are realized in
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WLP-M2 (2-pum Cu, 3-um Ni/Au) and separated from WLP-MI1 by 8-um thick BCB-2.
Fig. [118] illustrates the schematic cross-section view of the “inductor above pas-
sivation” concept. Fig. [4.5(b)| [118] illustrates the SEM cross-section view of the stack
of WLP-M1 and WLP-M2 on top of Metal-1-Metal-5, with high aspect ratio HARVi and
conventional via. Processing masks for the WLP are very cheap compared to masks used
for metal layers in the standard BEOL interconnect structure. The thick BCB layers lower
the parasitic capacitance to the silicon substrate, hereby increasing the inductor resonance
frequency. In addition, thick Cu yields low series resistance.

Fig. [118]] shows a 1.8-nH post-processed symmetrical inductor with and without
patterned poly-silicon ground shield. Fig. [118] shows the de-embedded measurement
and simulation results of a 1.8-nH thin-film post-processed inductor without patterned
poly-silicon ground shield, as well as the_factor for single-ended (SE) and differential
(DIFF) application. A 1.8-nH symmetrical inductor(without ground shield) has a dif-
ferential Q-factor of 40 at 5 GHz and a single-ended Q-factor of 32 at 3 GHz. When a
front-end-of-line (FEOL) is present; a patterned poly-silicon ground shield will terminate
the inductor’s electric field before reaching the silicon substrate, hereby reducing the sub-
strate losses, such that the Q-factor increase. As shown'in Fig. [118]], O-factors of
the 1.8-nH symmetrical inductor ‘with and without patterned poly-silicon ground shield
are compared. With the shield, the differential Q-factor can reach 47 around 9 GHz with
a resonance frequency of 25 GHz. Also, it is above 30 from 2.8 GHz to 18 GHz, which
guarantees a good performance in a wide frequency range. The differential quality factor

Op;rr and single-ended quality factor Qs are defined as [[187]
S{Zin—Zin—Zy + Zy}

Qorrr = R{Zi\—Zi—Zy+ Zyp} 1)
=S {Y11}

=t 4.2

OsE RV (4.2)

where Z,,, Z1,, Z»; and Z,, are the Z-parameters of the two-port network of inductor,
and Y7y, Yo, Y21 and Y;; are the Y-parameters of the two-port network of inductor.

The characteristic impedance of the transmission line in WLP process has been ex-
tracted through HFSS simulation. The design parameters have been shown in Table 5.1.
Moreover, the parameters of the equivalent RLGC model of the designed transmission

line in WLP process have been shown in Table 5.2.



120CHAPTER 4. 45-NM CMOS K-BAND LNA WITH HIGH-Q ABOVE-IC INDUCTORS

WLP-M2 Conventional BCB-via
(Cu/Ni/Au) \ ~

BCB-2 ~

WLP-M1

(Cu) [ Post-
> processed

BCB-1 — layers
HARVi

BEOL
FEOL

Passivation

Si-substrate

(a)

WLP-M2

BCB-2
WLP-M1

BCB-1

HARVi

5IM
BEOL

(b)

Figure 4.5 The IMEC WLP technology. (a) Schematic cross section of the dbove
IClayers. (b) SEM cross section of WLP-M1 and WLP-M2 on top of M1-MS5 metal lev-
els: conventional via (through BCB-2) and high aspect ratio via (HARV1) through BCB-1

[118].
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Figure 4.6 Microphotograph of a 1.8-nH thin-film post-processed symmetrical inductor,
including the pad connections for wafer probing. The left inductor is without patterned
poly-silicon ground shield, and the right inductor is with patterned poly-silicon ground
shield. The inductor has two turns (N), an inner radius of 125 ym (R;,), 10-um metal
spacing (.S), and a metal trace width (W) of 30 ym [118].
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Figure 4.7 Measurement (solid line) and simulation result (dashed line) of the series
inductance and the Q factor of thin-film post-processed inductor with a designed induc-
tance of 1.8 nH, both for single-ended (O sg) and differential (Qp;rr) applications. The
inductor has no patterned poly-silicon ground shield: N = 24, S = 10um, W = 30um,
and R;, = 125um [118].
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Figure 4.8 The measured quality factor of single-ended Qgsg and differential Qp;pr
applications of two-turn symmetrical thin-film post-processed 1.8-nH inductors with and
without a patterned poly-silicon ground shield: N = 2, .S = 10um, W = 30um, and
R;, = 125um [118].
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Table 4.1
CHARACTERISTIC IMPEDANCE OF THE TRANSMISSION LINE EXTRACTED
FroM HFSS
Zc (2)
TL layer | Shielding layer | TL width (yum) | 10 GHz | 24 GHz | 60 GHz
MI1-to-M5 35 51.5 51.2 51
10 89.9 89.3 88.9
20 72.4 71.9 71.7
35 56.2 55.8 55.7
40 52.6 52.3 52.2
WLP-M1 MI1-to-M2 41 52 51.8 51.6
43 50.6 50.3 50.2
45 49.2 48.9 48.8
60 41.6 41.4 41.4
80 34.5 34.4 34.3
5 50.4 48.4 47.1
M5 MI1-to-M2 10 33.2 32 31.1
20 20.4 19.6 19

4.2 Circuit Designs

The CMOS technology is especially attractive for its potential of integration of RF,
IF and baseband DSP functions, enabling true systems-on-chip. As CMOS technology is
scaled into deca-nanometer range, the transistor I, — V¢ characteristics in the saturation
region become linear while the transconductance, minimum noise figure (N Fayn), fr,
and fy4x improve. Additionally, when biased the MOS transistor at the current densities
between 0.15 mA/um and 0.4 mA/um, these figures of merits become almost insensitive
to the variations of I, and V5. The application of constant-field scaling rules to every
new generation of CMOS since the 0.5-ym node has resulted in constant peak f7 and
fmax current densities of 0.3 — 0.35 mA/um and 0.2 mA/um, respectively [[187]-[193].
This is in contrast to SiGe HBTs where the peak fr and fj 4x current bias is technology
dependent. The peak fr current density remains constant for different finger widths and
for both the common source and cascode configurations. The minimum noise figure bias

of MOSFET is Jopr = 0.15mA/um, irrespective of frequency and technology nodes.
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This current density is very close to the peak fj 4x current density of 0.2 mA/um and
there is practically no degradation of power gain when MOSFET is biased for optimum
noise.

In this IMEC 45-nm planar bulk-CMOS technology, the transistor has been demon-
strated that fr is around 300 GHz with the achievable transconductance efficiency g,/ Ip
of 2.5V, In the back-end process, this 45-nm bulk-CMOS technology offers five layers

of metal in the damascene process and metal-insulator-metal (MIM) capacitor.

4.2.1 One-stage cascode LNA

The configuration of the one-stage LNA in this work is cascode structure. The cas-
code structure has the advantage of reduced Miller Effect because input impedance of
the common-gate stage will result'in low voltage gain. for the common-source stage. In
addition to attain high gain, excellent reverse isolation-will be achieved so that better
stability is guaranteed when operating frequency is pushed up to 24 GHz. Because the
input impedance of the common-gate stage in the cascode structure is in general higher
than the output impedance of the common-source stage, the noise contributed from the
common-gate stage can be ignored:

Fig. illustrates the simulated relation between f7 and bias voltage of cascode de-
vice. The channel length is set at the minimum value of 45 nm. The channel width is
varied from 5 ym to 80 um. The peak f7 approaches 250 GHz as the gate bias voltage
is about 0.7-0.8 V. The one-stage LNA is constrained to power consumption smaller than
5 mW under the supply voltage of 1 V. Based on the aforementioned relation that the
minimum noise figure bias of MOSFET is about 0.15 mA/um, the channel width of the
cascode device is about 30 ym. Fig. 4.10|shows the simulated relation among fr, g, and
bias voltage of the cascode device. As the bias voltage equal to about 0.85 V, the cascode
device will have best linearity. However, with such high bias voltage, the transistors will
enter linear region and therefore the f7 will degrade dramatically. Because the perfor-
mance of the N F is the most important, the bias voltage is set at 0.7 V to get the best fr,

but at the cost of linearity degradation.

The circuit diagram of the presented one-stage LNA is shown in Fig. M, and
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Figure 4.9 The simulated relation between fr and bias voltage of cascode device with
the channel width which is varied from 5 ym to 80 ym, and the minimum channel length
of 45 nm.



4.2. CIRCUIT DESIGNS 127

Cascode device, with Wtot = 30 pm, and Leff =45 nm

T T T T T T T T T T T T
250 | 1250
200 | 1200
_ 150} 1150 _
z €
S 100} 1100 2
u= ()
50 150
0t 10
| 1 | 1 | 1 | 1 | 1 | 1 |

0.4 0.5 0.6 0.7 0.8 0.9 1.0
Vas [V]

Figure 4.10 The simulated relation among| f75 g, and bias voltage of cascode device.

M, is the cascode device with ' W/L equal to 30um/45nm. The gate bias voltage V;; of the
M, is fed through the inductor'L,. The gate of M, is connected to Vpp. Cs and Cg are
the bypass capacitors that stabilize the dc bias of ¥ and Vpp. The inductive load L, is
used to resonate out the parasitic. The output of the LNA is designed to match 50 Q by
the capacitive impedance divider formed by the MIM capacitor Cs, C,, and the parasitic
capacitor C,,4 contributed from output pad. The input matching is achieved by L, L,
C,, C,, and the parasitic capacitor Cpad1 contributed from input pad. Ignoring the gate-
to-drain parasitic capacitance of M, and the parasitic capacitance of input pad C,,,, the

input impedance Z;, is given by

m LS
+sL, + & > (4.3)

gs, M gs. M

1
Zin(s) ~ el +sL, || <
1

where g,,; and Cy;, y, is the transconductance and gate-to-source parasitic capacitance of
M. ${Z,} is tuned out at the center frequency wy = [(L,+ L;)-Cgy p, 17"/, and R{ Z,,,}
is designed to approach 50 Q. Hence, the following two conditions should be satisfied.

-1
lgml% <1 + i—)] =50 (4.4)

& g
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Figure 4.11 Circuit diagram of the one-stage cascode LNA.

L;
Ci=Caom, (1 + L—> (4.5)

4

For simultaneous impedance and noise matching, C,, L,, and L, should be selected
properly with an appropriate bias condition such that R{Z;,} = R{Z;,} = 50€ and
S{Z,,} = S{Zi,} = 0 at the center frequency. There exists an optimum L; for the
simultaneous impedance and noise matching without significant degradation of F,,;,. To
lower the noise figure, M, is biased closed to maximum f7 at a certain gate bias voltage.
At higher gate bias voltage, the fr will drop due to high-electrical-field mobility degra-
dation, and more power will be consumed. Thus, less noise degradation and more power
saving will be achieved by biasing M, slightly before reaching its maximum f7 point.

In this one-stage LNA design, the WLP technology is used to realize the low-cost
high-Q above-IC inductors Ly, L., and L. L; and L, are one-turn sprial inductors. L; is
a microstrip transmission line inductor, where the signal path is realized in the WLP pro-
cess, and the ground path is realized by the metal-1 and metal-2 of the back-end process

in this 45-nm gate length planar bulk-CMOS tehcnology. In the WLP process, the 5-um
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thick metal layer of Cu on the 20-um low-k dielectric of BCB has been postprocessed on
top of the 45-nm planar bulk-CMOS process. From the HFSS simulation, the Q factors
of Ly, Lg, and L at 23 GHz can be extracted as 48, 39, and 39, respectively. In addition,
the values of Ly, L,, and L are 0.38 nH, 0.45nH, and 0.2 nH, respectively. The shallow
trench isolation (STI) P+/N-Well and N+/P-Well diodes are implemented between sup-
ply/bias (Vpp and V,) and ground for ESD protection. The drawing dimension of each
STI diode is 19.35 ym by 1.85 ym. The small input matching capacitors C, and C, are
possible to be replaced with the STI diodes. However, the size of these STI diodes will
not large enough to provide enough ESD protection. Moreover, the nonlinear effect of the
STI diodes at the input will degrade the linearity performance of LNA. To prevent from
degrading the RF performance, the input and output pads are not protected by these STI
ESD diodes in this design.

The layout diagram of the one-stage cascode LNAvis depicted in Fig. The design
parameters of the one-stage cascode LNA:is shown.in Table 5.3. As shown in Fig.
the center frequency of the LNA 1s at 24.5 GHz, and the LNA has a simulated .S, of 12 dB.
Shown in Fig.[#.13(b)|is the input and output matching characteristics. The simulated .S},
is below —10 dB within the frequency range from 23.4 GHz to 26 GHz, which is 10.6 % of
the center frequency. The simulated S5, is below —10 dB within the frequency range from
22.7 GHz to 26.9 GHz, which is 17 % of the center frequency. The bandwidth is designed
to larger than 10 % of the center frequency to cover the process variations. As shown in
Fig.[4.14] the simulated N F of the one-stage cascode 1.6 dB. At the operating frequency
of 24.5 GHz, the N F approaches N F,;,, which means that the input matching network
is well designed and the optimum noise matching is achieved. The stability analyses are
shown in Fig. and Fig. which indicates that the presented one-stage LNA is
unconditionally stable. As shown in Fig. the one-stage LNA has a P;;p3 of about
—0.87 dBm with the two-tone testing signals at 24 GHz and 24.5 GHz. This one-stage
LNA drains 4.58 mA from the 1-V power supply voltage. The total power consumption
1s 4.58 mW.
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Figure 4.12 Layout diagram of the one-stage cascode LNA.
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Figure 4.13 Simulated S-parameters of one-stage cascode LNA.



132CHAPTER 4. 45-NM CMOS K-BAND LNA WITH HIGH-Q ABOVE-IC INDUCTORS

S—Parameter Response

=: NFmin dB1@
g °: NF dB10

7.0
6.0 I
.o L[
m 4.0
(@]
3.0 L
2‘@ g /
et NF=1.6dB @ 24.5GHz
N S S S S R B R M\‘..,l‘;.,“.,.l
12G 200G 306 409G
req ( Hz )
Figure 4.14 Simulated N F and N F,,;, of one-stage cascode LNA.
S—Parameter Response
@ 7='Z Kf U
S50 L
@.0 . T S B S SRR L L
i B1f
400m g
—30dm
—1.¢ . P B B [ L
@.00 30.06G 60.0G 90.0G 120G
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(b)

Figure 4.16 Simulated (a) load stability circle, and (b) source stability circle of one-
stage cascode LNA.
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Table 4.3
DESIGN PARAMETERS OF ONE-STAGE CASCODE
LNA
One-stage cascode Low Noise Amplifier
M],Mz 30/11'1’1/451’11’11
C 50 fF
C, 40 fF
C; 80 fF
Cy 60 fF
Cs, Cg >10 pF
L, 0.45 nH
L, 0.2 nH
Ly 0.38 nH
P+\N-well STI Diode (ESD) | 19.35 ym x 1.85 uym
N+\P-well STI Diode (ESD)|-19.35 ym x 1.85 uym

4.2.2 Two-stage cascaded cascode LNA

The circuit diagram of the presented two-stage cascaded cascode LNA is shown in
Fig. As for the first stage, M3 and M, is the cascode device of the first stage, and
both transistors are with W/L equal to 30ym/45nm. The gate bias voltage V,; of the M3
is fed through the inductor L,;. The gate of M, is connected to Vpp;. Cjs and C¢ are the
bypass capacitors that stabilize the dc biases of V,; and Vpp;. The inductive load Ly is
used to resonate out the parasitic. The output of the first stage is designed to match 50 Q
by the capacitive impedance divider formed by the MIM capacitor Cy and Cjy. The input
matching of the first stage is achieved by Ly, L, C;, Cs, and the parasitic capacitor Cuq3
contributed from input pad. Considering to noise matching and impedance matching at
the same time, the values of Cy, Cs, Ly, and L,; are designed based on the discussions in
Section 5.4.1.

As for the second stage, M5 and Mg form the cascode device of the second stage, and
the transistor sizes are with W/L equal to 30um/45nm and 40um/45nm, respectively.
The gate bias voltage V,, of the M5 is fed through the inductor L,,. The gate of M is

connected to Vpp,. Cy7 and Cig are the bypass capacitors that stabilize the dc biases of Vi,
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Figure 4.18 Circuit diagram of the two-stage cascaded cascode LNA.



4.2. CIRCUIT DESIGNS 137

and Vpp,. The inductive load L, is used to resonate out the parasitic. The output of the
second stage is designed to match 50 €2 by the capacitive impedance divider formed by
the MIM capacitor C3, Cy4, and the parasitic capacitor C,,44 contributed from output pad.
The input matching of the second stage is achieved by Cj;, Ci2, Ly, and Lg,. Because
the designed gain of the first stage is not large, the second stage is also required to have
low-noise performance. Considering to noise matching and impedance matching at the
same time, the values of Cy;, C,, Ly, and L, are also designed based on the previous

discussions.

Because the input and output impedance of the two stages are all designed to match
50 Q, the two stages are cascaded directly through the 50-€ microstrip line which is
designed by the WLP-M1 is used to link the two stages.

In this two-stage LNA design, the WLP technology is used to realize the high-Q in-
ductors L, Ly, Lgi, Lgo, Ly, and Ly, where Lyy, Ly, Lg; and L, are one turn spiral
inductors, and Ly, and Ly, are microstrip transmission line inductors. The values of L,
Ly, Lgy, Ly, Ly, and Ly, are 0.38 nH, 0.2 nH, 0.45 nH; 0.45 nH, 0.2 nH, and 0.2 nH,
respectively. The STI P4+/N-well and N+4/P-well diodes are also implemented between
supply/bias (Vppi,Vpp2, Vg1, and Vy,) and ground for ESD protection. The drawing di-
mension of each STI diode is 19.35 ym by 1.85 um. The small input matching capacitors
Cs and Cy4 are possible to be replaced with the STI diodes. However, the size of these STI
diodes will not large enough to provide enough ESD protection. Moreover, the nonlinear
effect of the STI diodes at the input will degrade the linearity performance of LNA. To
prevent from degrading the RF performance, the input and output pads are not protected

by these STI ESD diodes in this design.
The layout diagram of the two-stage cascaded cascode LNA is depicted in Fig. 4.19]

The design parameters of the one-stage cascode LNA is shown in Table 5.4. As shown in
Fig. the center frequency of the LNA is at 24.5 GHz, and the LNA has a simulated
S, of 22.7 dB. Shown in Fig. is the input and output matching characteristics.
The simulated .Sy, is below —10 dB within the frequency range from 23.3 GHz to 25.86
GHz, which is 10.4 % of the center frequency. The simulated 5;, is below —10 dB within
the frequency range from 23.05 GHz to 26.29 GHz, which is 13 % of the center frequency.

The bandwidth is designed to larger than 10 % of the center frequency to cover the process
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Table 4.4
DESIGN PARAMETERS OF TWO-STAGE CASCADED
CASCODE LNA
Two-stage cascaded cascode Low Noise Amplifier
M3, My, M5 30 ,le/45 nm
Mg 40 ym /45 nm
C; 50 fF
Cy 40 fF
Co 75 {F
Cio 52 fF
Chy 51 fF
Ci 52 fF
Ci3 92.5 fF
C14 40 fF
Cis, Cis, Ci7,Cig >10 pF
Ly 0.45 nH
le 0.2 nH
Ldl 0.38 nH
L, 0.45 nH
LS2 0.2 nH
La 0.2 nH
P+\N-well STI Diode (ESD) | 19.35 ym x 1.85 uym
N+\P-well STI Diode (ESD) | 19.35 ym x 1.85 uym

variations. As shown in Fig. the simulated N F of the one-stage cascode 1.62
dB. At the operating frequency of 24.5 GHz, the N F approaches N F,;,, which means
that the input matching network is well designed and the optimum noise matching is
achieved. The stability analyses are shown in Fig. [4.22]and Fig.[4.23] which indicates that
the presented two-stage LNA is unconditionally stable. As shown in Fig. the one-
stage LNA has a P;;p3 of about —12.43 dBm with the two-tone testing signals at 24 GHz
and 24.5 GHz. This one-stage LNA drains 8.79 mA from the 1-V power supply voltage.

The total power consumption is 8.79 mW.
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Figure 4.19 Layout diagram of the two-stage cascaded cascode LNA.
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Figure 4.23 Simulated (a) load stability circle, and (b) source stability circle of two-
stage cascaded cascode LNA.
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Figure 4.25 Environment setup of S-parameter measurements.

4.3 Experimental Results

The measured environment setups of the presented LNAs are described as follows.
On-wafer probing measurement is-adopted to verify the performance. Two GSG RF
probes with the pitch of 100 ym are used for probing the input and output pads of the
LNAs. As for measuring one-stage LNA, two 3-pin dc probes with the pitch of 150 ym
are used for probing the testing dc pads. As for measuring two-stage cascaded LNA, two
6-pin dc probes with pitch of 150 ym are used for probing the testing dc pads. As shown
in Fig.[4.25] the S-parameters are measured to analyze the matching characteristics of in-
put and output ports by the network analyzer, Agilent E8364B, which can characterize the
S-parameter performance from 10 MHz to 50 GHz. To measure the linearity performance
of the LNAs, two signal generators Agilent E8257D are used to provide two RF signals
for the LNAs. The power combiner Agilent 11616B is used to sum the RF signal in ad-
vanced. The signal analyzer Agilent E4448A is used to monitor the spectrum to verify
the linearity and power gain of the LNAs. The measurement environment is illustrated in
Fig. .26

Furthermore, the N F of the LNAs is measured by the signal analyzer Agilent E4448A



4.3. EXPERIMENTAL RESULTS 145

Spectrum Analyzer
E4448A

©

Agilent ‘ |
3 11 1

Signal Generator 116168

E8257D

gooooo
oooo oo
oooo oo

oooo
oooo
oooo
oooo

e o |l

(NN

I . ¢ >

DC Power Supplies

Figure 4.26 Environment setup of linearity measurements.

which is embedded with noise figure option. The broadband noise source of Agilent
346CKO1 is used. The measurement environment and measurement steps are illustrated
in Fig. To measure the NF of the LNAs, the noise characterization through Y-
factor technique is used and three separate steps are required. The first step as shown in
Fig.[4.27(a)|is the calibration of the noise figure analyer (NFA, the signal analyzer Agilent
E4448A with noise figure option is used) together with noise source (Agilent 346CKO1)
and preamplifier (Agilent 83051A). When this setup is completed, the intrinsic N F of
NFA and the gain and N F of preamplifier have been calibrated out. After calibrating the
NFA, the additional losses can be estimated using the setup of Fig. A through on
the reference calibratioin substrate (the same used to calibrate PNA) is used to estimate
the combined losses of two RF GSG probes, two 2.4-mm RF cables, and two 2.4mm-
to-3.5mm adaptors which are used to wafer-probe the LNA. Because of the symmetry
setup, the total losses are the equally split as before and after DUT losses as shown in
Fig. and are loaded into the NFA losses compensation table. Finally, as shwon in
Fig. the DUT is inserted to measure its N F.

Fig. shows the chip micrograph of the one-stage cascode LNA. It occupies the
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active area of 0.72 x 1.12 mm? including the testing pads. Under the supply voltage
Vpp of 1 V and the gate biasing ‘voltage Vi of 0.45 V, the one-stage LNA draws the
currents of 3.6 mA. The measured S-parameters of the LNA are shown in Fig.
and Fig. The input and output reflection coefficients, .S;; and S;,, are smaller
than —5 dB at 23 GHz. Furthermore, the gain, .S», of the one-stage LNA is about 7.1 dB.
Due to the cascode configuration, the reverse isolation, .S,, can be smaller than —25 dBm
over the desired frequency range. In Fig. the measured N F at 23 GHz is about 4
dB, under the condition that Vpp = 1V and Vi = 0.45V. The power gain and N F of the
one-stage LNA with different bias conditions are depicted in Fig.

The one-tone test results of the one-stage LNA are depicted in Fig. 4.32] With the
test signal at the frequency of 23 GHz, it reveals that the one-stage LNA has the I P_,;p
of -9 dBm. The measured one-tone test results with different bias conditions are shown
in Fig. The Fig. shows the output spectrum with the two test signals at 23.1
GHz and 23.15 GHz, respectively. The two signals are with the same signal level of —24.3
dBm. It shows that the one-stage LNA has a P;;p; of +2.25 dBm.
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Figure 4.28 Chip microphotography of the one-stage cascode LNA.
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Figure 4.29 Measured S-parameters of the one-stage cascode LNA of (a) Chip S1#9,
and (b) Chip S3#4.
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Figure 4.34 Measured two-tone testing results of the one-stage cascode LNA.

Fig.[4.35|shows the chip micrograph of the two-stage .cascaded cascode LNA. It occu-
pies the active area of 1.28 x 1.12‘mm? including the testing pads. Under the conditions
of Vop1 = Vppa = 1V, V1 = 045V, and V,, = 0.5V, the two-stage LNA dissipates
the power consumption of 9.3 mW. The measured S-parameters of the two-stage LNA
are shown in Fig. and Fig. 4.36(b)l The input and output reflection coefficients,
S11 and S5, are smaller than —5 dB at 23.4 GHz. Furthermore, the gain, .S,;, of the two-
stage LNA is about 11.6 dB at the frequency of 23.4 GHz. The two-stage LNA has good
revere isolation, and the S|, is smaller than —45 dB over the desired frequency range.
In Fig. the measured N F at 23.4 GHz is about 4.4 dB, under the conditions of
Vopir = Vopa = 1V, Vg1 = 045V, and V,, = 0.5V. The power gain and N F of the
two-stage LNA with different bias conditions are depicted in Fig.

The one-tone test results of the two-stage LNA are depicted in Fig. [4.39] With the test
signal at the frequency of 23.2 GHz, it reveals that the two-stage LNA has the I P45 of
—16 dBm. The measured one-tone test results with different bias conditions are shown in
Fig. The Fig. shows the output spectrum with the two test signals at 23.15 GHz
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Figure 4.35 Chip microphotography of the two-stage cascaded cascode LNA.
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Figure 4.36 Measured S-parameters of the two-stage cascaded cascode LNA of (a) Chip

S3#4, and (b) Chip S3#9.
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Figure 4.37 Measured N F of the two-stage cascaded cascode LNA of Chip S3#4 and

Chip S3#9.
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S3#9. (d) Gain of Chip S3#9.
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and 23.2 GHz, respectively. The two signals are with the same signal level of —=30.3 dBm.
It shows that the presented two-stage cascaded cascode LNA has a Pj;p3 of 4.2 dBm.

The comparisons of measured and simulated S-parameters of one-stage cascode LNA
are shown in Fig. #.42] The comparisons of measured and simulated S-parameters of
two-stage cascaded cascode LNA are shown in Fig. Moreover, the comparisons
of measured and simulated NF performance of the designed two LNAs are shown in
Fig.

The difference between simulated and measured NF is because the preliminary version
of 45-nm CMOS transistor models is used in the simulation. This transistor model is
predicted from 90-nm CMOS spice model, and only the DC characteristics is verified.
Moreover, the RF parasitic effects of the transistors are not modeled well, and no process
design kits are provided. Different layout results in different parasitic effects. Due to these
uncertainties, the simulated and measured results have some differences.

Besides, in the proposed two-stage LNA, the load of the second-stage is not designed
well. Lp, should be larger than Ly, to provide the gain. Therefore, the gain of the two-
stage LNA can be improved simply by increasing the value of L p,.

The dc inputs of both one-stage and two-stage LNAs are protected with the power-
clamp ESD diodes. Fig. shows the test setup of the HBM ESD measurement. The
HBM ESD tests are performed between the pad of Vpp and the pad of ground with both
positive and negative testing voltages. As for the testing case of positive Vpp-to-Vys, the
measured leakage currents are shown in Fig. and Fig. 4.46(b)] As the ESD level
below 3 kV, the I — V curves are not changed too much. However, as the ESD level is
increased to 3.5 kV, the I — V' curve has dramatically changed. This means fabricated
power-clamp diode has the ESD protected level of 3 kV for positive Vpp-to-Vss. As
for the testing case of negative Vpp-to-Vss, the measured leakage currents are shown in
Fig. and Fig. As the ESD level below 6 kV, the I — V curves are not
changed too much. However, as the ESD level is increased to 6.5 kV, the I — V curve has
dramatically changed. This means fabricated power-clamp diode has the ESD protected
level of 6 kV for negative Vpp-to-Vss. The HBM ESD robustness of the fabricated power-
clamp diodes are summarized in Table 5.5.

At the 2"-stage of the two-stage LNA, the performance of the inductor L, is not
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Figure 4.39 Measured one-tone testing results of the two-stage cascaded cascode LNA.
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Figure 4.40 Measured one-tone testing results of the two-stage cascaded cascode LNA
with different bias conditions.
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Figure 4.42 Measured and simulated S-parameters of one-stage cascode LNA.
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Figure 4.43 Measured and simulated S-parameters of two-stage cascaded cascode LNA.

good. It requires to be modified to a higher value to increase the gain of 2"-stage. At the
operation frequency of K-Band, the on-chip transmission line effect is not noticeable. For
the 2-stage LNA, it does not require to do the inter-stage matching to 50 Ohm. Without
doing the inter-stage matching to 50 Ohm, the LNA is possible to push the gain higher.
The noise contributed from the 2"-stage or the following stage can be suppressed by the
high LNA gain. However, as the LNA is designed to operate at higher frequency, V' -band
or W-band, on-chip transmission line becomes remarkable. Inter-stage matching of the

multi-stage LNA needs to be considered [189].

The measured results of the fabricated one-stage and two-stage 45-nm bulk-CMOS
LNA are compared with those of published CMOS LNAs around 20 GHz in Table 5.6. As
can be seen from Table 5.6, the fabricated one-stage LNA has good linearity performance
as well as low power consumption. The LNAs in [143] and [145] have better linearity

performance than these works at the cost of higher power consumption.

To characterize the performance of all bulk-CMOS LNAs around 20 GHz, the FOM
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Figure 4.45 Environment setup of HBM ESD measurement.

defined in [[194]] has been used. It can be written as

G x [IP3 x
FOM ns = e 5 }f < (4.6)

where G represents the gain, I I P3 denotes the linearity, f¢ is the operating frequency, F
is the noise factor, and P is the power dissipation. In (4.6)), G and F are in absolute values,
P and I1P3 are in units of mW, and f¢ is in the unit of GHz. The values of FOM n4
are calculated for different LNAs and are presented in Table 5.6 and Fig. As shown
in Fig. the fabricated 45-nm CMOS one-stage LNA has the highest FOM x4 as
compared with other published bulk-CMOS LNAs around 20 GHz. Furthermore, it is at
present the first 45-nm planar bulk-CMOS LNA operated above 10 GHz.

In general, two-stage or multi-stage LNAs will have higher gain than one-stage LNA,
but they sacrifices the linearity performance. From (&.6)), the product of G x I1 P3 nearly
keeps the same. However, two-stage or multi-stage LNA will have higher noise figure
and consumes more consumption because of more devices used. Therefore, the FOM of

two-stage or multi-stage LNA will be smaller than one-stage LNA.



168CHAPTER 4. 45-NM CMOS K-BAND LNA WITH HIGH-Q ABOVE-IC INDUCTORS

ESD Level of the Power-Clamp Diode
T T T T T T I T

3.0x10°
r —a— 1.5kV Positive VDD-to-VSS
2.5x10° + —e—2kV 3kV pass / 3.5kV fail >
. —A—2.5kV ]
2.0x10°F —¥—3kV -

—4— 3.5kV

3

E 1.5x10
3 L
= 1.0x10°
5.0x10"
0.0
0.0 0.2 0.4 0.6 0.8 1.0
Vob [V]
(a)
“ ESD Level of the Power-Clamp Diode
1.0x10 T T T T T T T T T
oox10° L ™ 1.5kVv Positive VDD-t0-VSS i

. —o— 2kV
8.0x10"  —aA—2.5kV 7

7.0x10° F —¥—3kV .
6.0x10°
< 5.0x10°
E 4.0x10°
3.0x10°
2.0x10°
1.0x10°
0.0

0.0 0.2 0.4 0.6 0.8 1.0
Vob [V]

(b)

Figure 4.46 Measurement results of HBM ESD testing. (a) Positive Vpp to Vsg, (b)
positive Vpp to Vs, (¢) negative Vpp to Vg, and (d) negative Vpp to Vsg.
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Figure 4.46 Measurement results of HBM ESD testing. (a) Positive Vpp to Vsg, (b)
positive Vpp to Vs, (¢) negative Vpp to Vsg, and (d) negative Vpp to Vs (Con’t).
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Table 4.5
HBM ESD ROBUSTNESS OF
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4.4 Summary

Two K-band LNAs: a 23-GHz one-stage cascode LNA and a 23.4-GHz two-stage
cascaded cascode LNA have been successfully designed and implemented in the IMEC
45-nm planar bulk-CMOS technology. These two LNAs are believed to be the first 45-nm
CMOS LNA above 10 GHz and are with silicon-proved. With the advantage of IMEC
WLP technology, high-Q above-IC inductors and low-loss microstrip lines are applied
into the fabricated LNAs. Furthermore, the power-clamp diodes are used to protected dc
inputs.

From the measurement results, the designed one-stage 45-nm bulk-CMOS LNA with
high-Q above-IC inductors exhibits a gain of 7.1 dB and a N F of 4 dB at the center
frequency of 23 GHz. This LNA has a quite good linearity performance of an I P_;,p of
—9.5 dBm, and a Pj;p; of +2.25 dBm. The power consumption of the one-stage LNA is
3.6 mW from 1-V supply voltage. The chip-area of this‘one-stage LNA is 0.81 mm?.

Furthermore, the designed two-stage 45-nm bulk-CMOS LNA with high-Q above-IC
inductors exhibits a gain of 11.6 dB and a N F of 4.4 dB at the center frequency of 23.4
GHz. This two-stage LNA also has a good linearity performance of an I P_;;p of —16
dBm, and a Pj;p; of —4.2 dBm. The power consumption of the one-stage LNA is 9.3 mW
from 1-V supply voltage. The chip area of this one-stage LNA is 1.43 mm?.

Although the conventional LNA is used, the performance is dramatically improved
due to the very high f7 of the 45-nm transistors and very high quality WLP above-IC
inductors. The experimental results show that the presented one-stage LNA in IMEC
45-nm planar bulk-CMOS with high-Q above-IC inductors achieve the state-of-the-art as
compared to other K-band CMOS LNAs. Moreover, the two-stage LNA has comparable
performance. It is also demonstrated that the IMEC 45-nm planar bulk-CMOS technology
has great potential for the design of high performance high frequency RF circuits. IMEC
WLP technology can successfully provide high-Q above-IC inductors and ultra low-loss

microstrip lines, and this technology has the advantage of low cost.



Chapter 5

Conclusion

5.1 Major Contributions of This Dissertation

In this dissertation, the design methodologies and circuit implementation techniques
of a current-mode direct-conversion receiver front-end and-a current-mode direct-conversion
transmitter front-end have been proposed and analyzed.- Moreover, two LNAs for the
benchmark circuits of IMEC 45-nm planar bulk-CMOS technology have been presented.

Firstly, a low-voltage low-power CMOS 24-GHz (K-band) direct-conversion receiver
front-end has been proposed, analyzed, and implemented in TSMC 0.13-ym 1P8M CMOS
technology. The CMOS current-mode design techniques for low-voltage, low-power, and
high-frequency circuits are developed and applied to the implementation of key building
blocks of the proposed K-band direct-conversion receiver. The proposed receiver is of
single-balanced structure and integrated with a LNA and a down-conversion mixer. A
current-mode LNA by cascading two current-mirror amplifiers is used to amplify the re-
ceived RF signal. A current-mode mixer which is composed of a current-summing circuit
and a current-squaring circuit is used to realize the frequency mixing of RF and LO cur-
rent signals. With the advantages of current-mode operation, the proposed current-mode
K-band receiver is successfully operated with low power consumption of 27.8 mW under
the condition that the low supply voltage of LNA is 0.8 V and the low supply voltage
of mixer is 1.2 V. The measurement results have shown that the proposed current-mode

design techniques have the capability of designing low-voltage, low-power, and high-
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frequency RF receiver front-ends in the advanced nanometer CMOS technologies.

Secondly, a low-voltage low-power CMOS 22-GHz (K -band) direct-conversion trans-
mitter front-end has been proposed, analyzed, and implemented in TSMC 0.13-um 1P8M
CMOS technology. The CMOS current-mode design techniques for low-voltage, low-
power, and high-frequency RF circuits are developed. The proposed current-mode K-
band direct-conversion transmitter front-end is of double-balanced structure and com-
posed of an up-conversion mixer, a VCO, a transformer-based VCO buffer/repeater, and
a baseband current buffer/repeater. The current-mode up-conversion mixer which is com-
posed of four current-squaring circuits is used to realize the frequency mixing of baseband
and LO current signals. On-chip transformer is used as the inductive load of the current-
mode up-conversion mixer and to implement the subtraction of high-frequency and wide-
bandwidth current signals. The transformer-based VCO buffer/repeater is adopted to pro-
vide two-pair differential LO current signals for the mixer. Moreover, the baseband cur-
rent buffer/repeater is adopted to provide two-pair differential IF current signals for the
mixer. The current-mode circuit has the advantage of easily dealing with the summation
of current signals by wire connection. Without additional.amplifiers to do summation of
current signals, power dissipation can be further reduced. With the advantages of current-
mode operation, the proposed current-mode K-band transmitter is successfully operated
with low power consumption of only 11.7 mW in low supply voltage of 1 V. In addition to
low-power consumption, the proposed current-mode up-conversion mixer has the advan-
tages of requiring very small LO signal power of -4 —12 dBm to achieve the gain of -5
—14 dB. The total power consumption of the integrated transmitter is only 11.7 mW under
the low supply voltage of 1 V. Through the experimental results, it reveals that the pro-
posed current-mode design techniques have the capability of designing low-voltage, low-
power, and high-frequency RF transmitter front-ends in the advanced nanometer CMOS

technologies.

Finally, two 24-GHz (K -band) LNAs have been proposed, analyzed, and implemented
in IMEC 45-nm 1P5M planar bulk-CMOS technology. The cascode device is adopted for
the LNA design because of its reduced Miller Effect. The benefit of high gain and excel-
lent reverse isolation from cascode structure can be achieved. A one-stage cascode LNA

and a two-stage cascaded cascode LNA have been designed for the benchmark circuits
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of the advanced 45-nm CMOS process. Moreover, the low-cost and high-performance
IMEC WLP technology is adopted to obtain high-Q above-IC inductors and ultra low-
loss microstrip lines. The performances of 45-nm bulk-CMOS LNA have been verified
through on-wafer measurements of the fabricated chip. The presented 23-GHz one-stage
45-nm bulk-CMOS LNA exhibits the gain of 7.1 dB, the NF of 4 dB, the P;;p; Of +2.25
dBm, and very small power dissipation of only 3.6 mW. As compared to prior works, it
has been shown that the proposed one-stage LNA achieves the highest FOMy4. The
proposed 23.4-GHz two-stage 45-nm bulk-CMOS LNA exhibits the gain of 11.6 dB, the
NF of 4.4 dB, the P;;p3; of 4.2 dBm, and the power dissipation of 9.3 mW. Although
the performance of the proposed two-stage LNA is not as good as the presented one-stage
LNA in terms of FOM/| y 4, the two-stage LNA still has the comparable performances to
other work. Moreover, it is at present the first two 45-nm planar bulk-CMOS LNAs that
is operated above 10 GHz.

In summary, the continuous scalingof CMOS technology into nanometer or even
deca-nanometer nodes, 45 nm and sub-45 nm for examples, has dramatically improved
the fr and fuax of MOS transistors. It becomes feasible to design high-performance
millimeter-wave RF circuits in”advanced CMOS technologies. Furthermore, the sup-
ply voltage is reduced accordingly along with the scaling of CMOS technologies such
that voltage headroom, effective overdrive voltage, and dynamic range of conventional
voltage-mode RF circuits are not sufficient enough. It has been successfully demonstrated
that the current-mode circuit design techniques proposed in this dissertation are suitable
for RF circuits operated in low supply voltage and low-power dissipation. Besides, the
direct-conversion architectures of receiver and transmitter front-ends have the advantage
of high integration capability. Consequently, it becomes quite feasible to design low-
voltage, low-power, high-frequency, high-performance, and high-integration transmitter
and receiver front-ends in current-mode design techniques by using advanced CMOS

technologies. It can also be easily integrated with the baseband signal processing VLSI.



176 CHAPTER 5. CONCLUSION

5.2 Future Work

In the implementation of current-mode CMOS K-band receiver front-end circuits, a
single-ended LNA and a single-balanced mixer is used. In the future work, differential
current-mode LNA and double-balanced current-mode mixer can be adopted to reduce
even-order harmonics and inter-modulations and to improve the immunity to common-
mode noise. An on-chip transformer before the differential LNA can also be implemented
at the same time to provide single-ended to differential transformation. Moreover, the
implemented receiver is used to down-converted the RF signal from 24 GHz to the IF
frequency at 5 GHz. To prevent from paying much effort that uses a very high speed ADC
for digitizing the 5-GHz signals, additional frequency conversion stage that is used to
down-convert the 5-GHz signals to the baseband is to be designed. The double-quadrature
5-GHz receiver that exhibits excellent image rejection is a good choice. Besides, the
calibration technique of phases.and gains of the mixers at I- and Q- paths can be adopted
to overcome the process variations and prevent from the degradation of image rejection. It
may be possible to apply the proposed CMOS current-mode RF circuit design techniques
to much higher operating frequency band, 60-GHz (V' -Band) for example, in the advanced

nanometer CMOS technologies.

In the implementation of current-mode CMOS K-band transmitter front-end circuits,
a double-balanced up-conversion mixer, a differential VCO, a VCO buffer/repeater, and a
fully-balanced baseband current buffer/repeater are used. Although the double-balanced
up-conversion mixer is used, the LO suppression ability is still not enough. In the future
work, much careful layout floor-plan of the differential LO and baseband signal paths
should be well considered to improve this. Besides, the layout of the mixer cores should
use common centroid layout floor-plan to decrease the cross-chip gradient variations. In
addition to this, the calibration technique of phases and gains of the current-squaring
circuits can be incorporated. In the calibration phase, the output of the up-conversion
mixer is down-converted to DC by mixing with the LO signal through a down-conversion
mixer, and is passed through a LPF. Through the negative feedback control, the residue
of DC extracted through the LPF can be used to perform differential tuning of the biasing

currents of the current-squaring circuits to further improve the LO suppression capability.
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Furthermore, the single-sideband (SSB) transmission should be adopted to employ the
spectrum efficiently. For this purpose, the quadrature mixing is to be adopted to design
the transmitter front-end. The K-band CMOS power amplifier can also be designed and
integrated to provide high output power of the transmitter. Finally, it may be possible
to apply the proposed CMOS current-mode RF circuit design techniques to 60-GHz (V-
Band) transmitter front-end circuits in the advanced nanometer CMOS technologies.

In the implementation of 45-nm planar bulk-CMOS 24-GHz (K-Band) LNAs, only
the preliminary models for 45-nm MOS transistors are used. Different transistor layouts
result in different parasitic, and consequently influence the performance of the LNA, in-
cluding matching characteristics of noise and impedance. The operation frequency will
be also affected. Tuning the value of the capacitors in the LC loads can be incorporated to
alleviate the process variations. By the frequency tuning concept, two resonated frequen-
cies of the two-stage LNA are possible to be tuned to the same frequency such that its gain
is possible to be further improved. Besides, to‘improve the immunity to common-mode
noise, the LNA with differential structure can be adopted. The cascode devices can be laid
out properly to minimize the parasitic capacitance and so that the signal losses are reduced
and the NF is improved. Moreover, the inter-stage matching of the two-stage LNA will
be removed to gain higher performance of the proposed CMOS K-band LNA. The 45-
nm planar bulk-CMOS process can be used design 60-GHz (V-Band) or W -band LNAs,
PAs, and Mixers for benchmark. Furthermore, designing the LNAs, PAs, and Mixers in
24 GHz or 60 GHz in 45-nm or sub-45-nm FinFET devices is also valuable.
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Appendix A

In the deep sub-micron CMOS technologies, the relationship between drain current
ips and the gate overdrive voltage voy = (vgs — Vi) of CMOS devices in the saturation
region is not exactly square due to short channel effects, and the drain current ipg is

approximated as [[163], [[164]]

2

. 1 w Hn vOV
ips ~ —k,— 1+ Av A.l
bs 2 L (1 + QVOV) Yov ( DS) ( )
1+
EcL

where E¢ is the critical value of the horizontal electric field, € is inversely proportional
to the oxide thickness, and the coefficient 4 models the effect of the channel length mod-
ulation which is related to vpg. If the transistor in the saturation region is operated with
small voy such that voy < 67! and voy < EcL, can be simplified approximately

as

1 W
ips & Eknfvfw (1 + Avps) (A.2)

The current-squaring circuit of Figure is proposed in Chapter 3 where the MOS
transistors M o and M g3 are well matched with the same channel width/length (W /L).
The drain-to-source voltages of Mgo; and M g3 are different as the biasing voltage Vg
is varied. As a result, the channel length modulation effect should be considered. In
Figure If 6 = (Vps,Msgs — VDS Mspr)/2 and 6 = (Vps gy + VDsMse ) /2 = Vpp/2 are
assumed, Vps gy, = (6 +6) = (Vpp/2 +6) and vps ars,; = (6 —6) = (Vpp/2 — 6). The

detailed derivations of the relationship between i;, and ipyr are shown as the following.
i1 =Kwa=Vi)’ [14 (0 -8 (A.3)
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1.
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Figure A.1 The current-squaring circuit in down-conversion mixer.



iy=KWas—=Vu) (1 + AWVpp) = K (v4 = Vip)* (1 +264)

is=K g —Vy)[l+(c+0)]

where LW
K = zk,,f
VA = VGS Mso;
VB = VGS Msgs
Define

Iy = %K (Vo — 2Vin)?
From Figure |A.1
lin =11 =13
lour = I, +13
lin+lour = I +12
From (A.3)), (A.5), and (A.§),

in=KOa=Vp)'[14+ (6 =8)]=K (p=V)[1+i(c+05)]
fm (va+ve)(va —vp) 1+ 62) = 64 [(va+ vp)* = 2v4vs]

~Vin(va —vE)2+204) + 2V, 6A(va + v — Vi)

Due to

Ve =vs+vp
(A.10)) can be re-arranged by

% = —=3AVgE = 2vavp) + (va = ve) (Vo = 2Vi)(1 + 64) + 2V 8A(Va — Vip)

From (A.3), (A.4), and (A.9),

Iin+iour
K

lin + iour
=V +
va = Vin \/K(z +30A—624)

= (a4 Vip)*2+304—64)

From (A.T3),
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(A.4)

(A.S)

(A.6)

(A7)

(A.8)

(A.9)

(A.10)

(A.11)

(A.12)

(A.13)
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C —
va=Viy+ Evlin +iout

where
2
C =
VKQ2+304—354)
Therefore,
C* = 4
B A
KQ2+3c2)(1-
2+ 30d) ( 2+ 3(;/1>
Because
o4 <1
2+ 304
4 oA 4
CPr ——— [ 1+ N ———
KQ2+3041) 2+ 304 K2 +30c4)
Consequently,
464
SAC* = ————
K2+ 301)
From (A.TT)) and (A.14),
C
vp =V — (Vrh i Eviin + iOUT>
From (A.14)) and (A.19),

va—vp =CViy+iovr — (Vg —2Viy)

From (A.T1), (A.14), and (A.T5)),

2
vavp = va(Vg —va) = Vgva — vy

2
C C
vavg = Vg <Vth + Eviin + iOUT> - (Vth + Eviin + iOUT>

Substitute (A.20) and (A.21]) into (A.12)), (A.12)) can be expressed as
Di;, + Eipoyr + F\ijn +iour+G =0

D~ 1+5/1C2 1 - 261
- K 2 )T K 2+ 364

where
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(A.14)

(A.15)

(A.16)

(A.17)

(A.18)

(A.19)

(A.20)

(A.21)

(A.22)

(A.23)



From (A.22),

D*i} + E%iyyr + G* + 2D Eiyioyr + 2DGiy, + 2EGioyr = F*(is + iour)

E

5AC? N

264

2 T KQ2+304)
F=CWs=2Vi)(1+06i+64) ~ CVg —2V)(1 +cA)

G=-V=2V,)* (1 + 64+ 64)

Diin + EiOUT + G = —F \/ iin + iOUT

Square both sides of (A.27]), we get

From (A.16)) and (A.22),
1
2 I —
D~ -
From (A.24),

L 264 2
2+304

~,

ZNI 264

From (A.16), (A.23) and (A.24),

K2 +304)

1 461
I

2
&

+
2+ 301

2
B Y 40,
K2(2 + 364)
From (A.26)),
G? = (Vg =2V)* (1 + 64+ 6A)?
From (A.23) and (A.26),
Vg — 2Vth)2 24204
DG~~~ 2" |(14+06A+61)+6A
(I +oi+od) +oi|\ 3757
(Vg — 2V;p)? 4+ 561
DG~ ——""" [14+06))+64
K (I +oh)+ol| 37357
From (A.24)) and (A.26),
EG ~ 2(Vg = 2Vi)? 5A(1 + 64 + 84)
~ K 2+ 364
From (A.17)) and (A.25),
F2 A A4Vg = 2V)? (1 + 64)?

K

(24 304)

)
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(A.24)
(A.25)

(A.26)

(A.27)

(A.28)

(A.29)

(A.30)

(A.31)

(A.32)

(A.33)

(A.34)

(A.35)
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Because E?> — 0 and DE — 0, (A.28]) can be simplified as
Dzil-zn + G2 + 2DGlm + ZEGiOUT = Fz(i[n + iOUT)
(F*—=2EG)iour = D*i;,+ (2DG — F*) + G°
D ,  (2DG - F> G
iovr = (——— ) 2+ [ o )ity + [ —— A36
four <F2—2EG>"" <F2—2EG>’ <F2—2EG (4.36)
From (A.34)) and (A.35),

4V — 2Vin)*
K

(140642 =6AM14+0A+64)
24304

F?>-2EG ~

(A.37)

From (A.33)) and (A.35),

2DG - F* ~

2V - 2Vi)? lém +50) + oAl + "’”] (A.38)

K 24304

Substitute (A7), (A:29), (A32); (A37); and (A38) into.(A36).

1 2+ 3044+ 464 R
l4K(VG 2V, 2 (404 — A0 +oi+on)| ™
1 644 +504) + cA(l + o4)
2(1+6A)2 —6A(1 +0A+54)
N [K(VG —V R (4 64+ 642 +304) l

4 (1+06A)2 =M1 +06A+64)

lout

Lin

i2

iour = )(1# + xoiin + 131 (A.39)
B

where

2+ 304 + 464
x =
L2+ 047 = 6A(1 + oA+ 64)]

4y = M4+ 504 + oAl +0d) (A4D)
2[(1+04)2 =841+ 6A+64)]

2
4= (H0d+50°Q2+304) (Ad2)
2[(1+064)2 = 6A(1 + 6A+64)]

Note that y; and y, are less than 1, whereas y3 is larger than 1. Furthermore, the

(A.40)

above derivations only consider the channel length modulation effect, and the rest of short

channel effects are ignored under the condition of small gate overdrive voltage of M s¢;
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and M sq;. If the effect of channel-length modulation effect is neglected as A = 0, y; = 1,
r»=0,and y3 = 1.

Moreover, even if the drain-to-source voltage differences of Mgp; and M g3 are the
same, the channel length modulation still has effects on the proposed squaring circuit of

Figure[A.1] In this case where 6 # 0 and A = 0, (A.39)) can be simplified to

i2

iour = J’li + y2iin + 7315 (A.43)
where

24304
Nn=s—r—"—""5 (A.44)

2(1 +04)

cA

= A.45
=0 +oh) (A45)

2+ 364
73 = (A.46)

2
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Appendix B

In the deep sub-micron CMOS technologies, the relationship between drain current
ips and the gate overdrive voltage voy = (vgs — Vi) of CMOS devices in the saturation
region is not exactly square due to short channel effects, and the drain current ipg is

approximated as [[163], [164]]

1 W om Vo
ips A —k,— 1+ Av B.1
ps R 5 T (116va0) p | ( DS) (B.1)
1+
Ec.L

where Ec¢ is the critical value of the horizontal electric field, 6 is inversely proportional
to the oxide thickness, and the coefficient A models the effect of the channel length mod-
ulation which is related to vpg. If the transistor in the saturation region is operated with
small vop such that voy < 07! and voy < EcL, can be simplified approximately
as

1 W
ips & 5k,,fvfw (1 + Avps) (B.2)

The current-squaring circuit of Figure [B.1|is proposed in Chapter 4 where the aspect
ratio of M3 (M,) is N times that of M| (M,). Although both M, and M, are with the
same device size and are diode-connected, the drain-to-source voltages of M| and M, are
different due to the fact that the latter suffers from body effect. As a result, the channel
length modulation effect should be considered. In Figure @ Vop = (vps.m, +Vpsm,)- If
6 = (vps.m, — Vps.m,)/2 is assumed, vps p, = (Vpp —26)/2 and vps p, = (Vpp +26) /2.
The detailed derivations of the relationship between i;, and iy are shown as the following.

iy = K(vy— V)2 ll + A <% - 5)] (B.3)
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Yoo :
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Figure B.1 Current-squaring circuit of up-conversion mixer.
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ir=Kyg—Vu)® 1+ 4 <% + 5> (B.4)
where |
w
K = Ek"f
Va = VGes,Mm,
VB = VGs.M,
va+ve=Vpp (B.5)
Define
Iy = %k% Vop = 2Vin)’
= %K Voo =2V’ (B.6)
From Figure B.1]
Ip =11 — 1) (B.7)
io=NXiy=NX(in+i)
io'= Niy, = Nip (B.8)

From (B.3), (B.4), and (B.7),

AV
Iijp = K l(l + 2DD> (VA - VB)(VDD - 2Vth) — 64 (V[%D - 2VAVB - 2VDDI/th + 2Vti>l
(B.9)
From (B-4) and (B-g)),

AV,
io — Niyy, = NK(vg — Vi) (1 + ZDD + 5/1> (B.10)

From (B.10), the v can be represented as the follows in terms of i;, and ip.

io — Nij,

=V
VB th + Voo

NK(1+ +04)

Vin+ Cyip — Nij, (B.11)
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where

1

C =
AV
\/NK(I + ZDD +62)
From (B.5)),
va=Vpp— (I/th+CViO —Nim)

From (B:1T)) and (B-13)),

va—vg = (Vpp —2V;) —2C+/ip — Nijy
vavg = Vi Vpp — Vi) + C (Vpp = 2Vin) Vio — Nijy — C?(io — Nii)
Substitute and into (B.9), (B.9) can be expressed as
Dl,n+Elo+FVlo—Nlm+G:0

where

(26AC*NK - 1)

464 |
K |2+ AVpp +264

464
NKQ2+ AVpp +264)

F = —C(VDD - 21/”,)(2 + AVDD - 251)

E =

1
G = E(VDD —2V)*(2 4 AVpp — 264)

From (B.16)),
Dlm+Elo+G = —F\/io —Niin
2
(Di;, + Eip + G)* = (—F io— Ni,-,,)

D%, + E*i} + G* + 2DEiyio + 2EGip + 2DGiy, = F* (ip — Niy,)

(B.12)

(B.13)

(B.14)

(B.15)

(B.16)

(B.17)

(B.18)
(B.19)

(B.20)

(B.21)

Because § < 1 and A < 1, 4 < 1. Therefore, DE and E? are small and they can be

ignored. (B.21]) can be rearranged as

io (F*—2EG) = D’i;, + (2DG — NF?) ij, + G*



Consequently,

. D> , (2DG+ NF*\ G?
o=——= )i+ —— | int+ | o5——=
F?>-2EG F?-2EG F?-2EG

Based on (B.12)), (B.17)—(B.20),

F> = [=C(Vpp = 2V)(2 + AVpp — )T

2
CZ(VDD - 2Vth)2(2 + /1VDD)2 I- —251
24+ AVpp

Because
204

2+ AVpp

L_ 264\ _ 48
2+ Vo), .. 2+ iVpp

Substitute (B.12)) and (B.25]) into (B.23)), F* can be expressed as

_2(Vpp'= 2Vi)? R+ AVpp)(2 +AVpp — 464)

<1

F2
NKQ + AVpp + 264)
From (B.17),
o 45 . ?
K2\ 2+ AVpp + 264
Because
45 <1
2+ AVpp + 264
pr (1= 804
K? 24+ AVpp + 264
From (B.20) and (B.24),
1 260 \°
G* = —(Vpp=2V)*Q+ AVpp) (1 - ——
4( DD i) ( bD) T AVon
1 45
~ ~(Vpp =2Vi)*'Q+ AVpp)* [ 1 = ————
4( DD th) ( DD) < 2+/1VDD>
1
~ Z(VDD —2V) Q2+ AVpp)(2 + AVpp — 464)
From (B.17)) and (B.20),
(Vop — 2Vi)? 464
DG = —1) Q2+ AVpp =264
2K 24 AVpp + 264 ( bb )
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(B.22)

(B.23)

(B.24)

(B.25)

(B.26)

(B.27)

(B.28)

(B.29)
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From (B.I8)) and (B.20),
26A(Vpp —2Vi)?* 2+ AVpp — 264
EG = - B.30
NK 24+ AVpp + 264 ( )
From (B.24)), 264 <« (2 + AVpp), and therefore (B.30) is approximated as
26A(Vpp — 2Viy)?
EG ~ — 204 Vbp ) (B.31)

K

From || and lb (F? — 2EG) is calculated as
2(Vpp = 2Vi)* [(2 + AVpp)2 + AVpp — 464) + 2642 + AVpp + 261)]

F*-2EG =
NKQ2+ AVpp + 204)
(B.32)
From (B.6), (B.27), and (B.32)),
P N 24 AVpp — 654 .33
F2—2EG 8152+ AVpp)Q+ AVpp —484) 4 26412 + AVpp + 261) '
From (B.26)), (B.29)), and (B.32)),
2DG+ NF2 N 2Q2+AVpp)2+ AVipp = 454) = (2 + AVpp — 2642 B34
F2—2EG 2 2+ AVpp)2+ AVpp —464) + 20A(2 + AVpp + 204) '
From (B.28)) and (B.32),
G? NIg 2+ AVpp)2+AVpp +261)(2+ AVpp —404) (B.35)

F?-2EG ) 2+ AVpp)2 + AVpp —464) + 2642 + AVpp + 264)
Substitute (B.33)—(B.33) into (B.22)), the relationship between ip and i;, is as follows,

. Ni, 22+ AVpp — 651)
‘o 1615 | 2+ AVpp)(2 + AVpp — 464) + 2642 + AVpp + 25,1)]
Niy [ 22+ AVpp)(2 + AVpp — 484) — (2 + AVpp — 264)>
2 |2+ AVpp)2 + AVpp — 484) + 2642 + AVpp + 264)

+NIB [ 24+ AVpp)2+ AVpp +264)(2+ AVpp — 464)
2 |2

B.36
+ AVpp)(2 + AVpp —464) +20A(2 + AVpp + 264) ( )

Therefore, considering the channel length modulation effect and body effect, the output
current ip of the current-squaring circuit shown in Figure can be expressed as the

following equation in terms of i;,.

) .
1. 1:
io =N "4 o=+ sl B.37
lo ()(1 1615 X2 > X3 B> ( )
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where
22+ AVpp — 664)

- 24+ AVpp)2+ AVpp —464) +20A(2 + AVpp + 264)

22+ AVpp)(2+ AVpp —464) — (2+ AVpp — 264)? (B.39)
1= 24+ AVpp)2+ AVpp —46A) +26A(2 + AVpp + 264) '

B 2+ AVpp)2+ AVpp +264)(2+ AVpp —464) (B.40)
w0 24+ AVpp)2 + AVpp —464) +20A(2 + AVpp + 264) ’

Note that y; and y, are less than 1, whereas y; is greater than 1. Furthermore, the above

X (B.38)

derivations only consider body effect and channel length modulation effect, and the rest of
short channel effects are ignored under the design condition of small vo, of M| and M,.
Moreover, even if the drain-to-source voltage differences of M; and M, are the same, the

channel-length modulation still has effects on the proposed squaring circuit. In this case
where 6 = 0 and 4 # 0, is simplified to

)
i 1
i =N iz —i; I B.41
lo <}’116[B+21 tn B> ( )
where |
AV B
yi= <1 + 2”) (B.42)
AV
va=1+ ZDD (B.43)

Note that y; is less than 1, whereas y, is greater than 1. However, if the long channel
devices of M| and M, are used, where in ideal case 4 = 0, the drain-to-source voltage
differences of M, and M, will not has effects on the proposed squaring circuit. In this

case where 6 # 0and A = 0, is simplified to

-2
i; 1
io=N (| —2 4 iy + 1 B.44
lo (16IB+21m+ B> ( )
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